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Preface

Data conversion provides the link between the analog world and digital sys-
tems and is performed by means of sampling circuits, analog-to-digital (A/D)
converters, and digital-to-analog (D/A) converters. With the increasing use
of digital computing and signal processing in applications such as medical
imaging, instrumentation, consumer electronics, and communications, the
field of data conversion systems has rapidly expanded over the past twenty
years. Monolithic integration, new architectures, and advances in integrated
circuit (IC) technology have dramatically changed the design style of these
systems and created new areas for research and development. As aresult, the
body of knowledge related to this field, primarily in the form of conference
proceedings and journal papers, has grown to such extent that students and
practicing engineers typically spend more than a year on the learning curve
after they have completed other IC design courses. The lack of a systematic,
comprehensive treatment of the subject has made the task of learning difficult
and inefficient.

This book has been written as a unified text dealing with the analysis
and design of data converters. Intended for classroom adoption as well as
industrial practice, it methodically leads the reader from basic concepts to
advanced topics while explaining design issues at both circuit and system
level. In addition, to broaden the reader’s view of technology-dependent
design style, the text provides examples of CMOS, bipolar, and BiCMOS
implementations for various circuits and discusses the trade-offs in each case.

xi




xii . Preface

The reader is assumed to have a solid understanding of analog IC design,
preferably at the level of Analysis and Design of Analog Integrated Circuits by
P.R. Gray and R. G. Meyer, and Analog MOS Integrated Circuits for Signal

. Processing by R. Gregorian and G. C. Temes. Some knowledge of digital

circuits and the theory of signals and systems is also assumed.

The book consists of nine chapters. Chapter 1 serves as an introductory
overview, familiarizing the reader with the role of data conversion in larger
systems and providing the “big picture.” Chapter 2 deals with basic sampling
circuits and analyzes the behavior of MOS and bipolar switches with emphasis
on their speed-precision trade-offs. Circuit techniques that relax such trade-
offs are also described. Chapter 3 extends these techniques to the architecture
level by introducing various sample-and-hold topologies.

Chapter 4 studies basic digital-to-analog conversion, viewing this func-
tion as reference multiplication or division. Topologies in which the refer-
ence is a voltage, current, or charge are analyzed and the switching functions
required in such circuits are described. These concepts are applied to system-
level design in Chapter 5, where digital-to-analog converter architectures are
presented. :

Chapter 6 deals with analog-to-digital converter architectures. Flash,
two-step, interpolating, folding, pipelined, successive approximation, and
interleaved architectures are studied and their design issues and sources of
error are examined. Chapter 7 describes the design of building blocks of
data conversion systems. Open-loop amplifiers, operational amplifiers, and
comparators are discussed and means of improving their performance are
introduced.

Chapter 8 focuses on precision techniques applicable to high-resolution
data conversion. Comparator and op amp offset cancellation, D/A and A/D
calibration, and overlap and digital correction are covered in this chapter.

Chapter 9 is concerned with the important topic of testing and character-
ization. Various approaches to evaluating the static and dynamic performance
of sampling circuits and D/A and A/D converters are described in detail.

Each chapter is accompanied with an extensive set of references, allow-
ing the reader to access the original work related to each topic, understand the
intricate details in more depth, and learn techniques not described in the text.

Publishing a book is an elaborate, sometimes overwhelming task that
can be carried out only with the support of a great many people. During
the two years I worked on this book, the stimulating environment at AT&T
Bell Labs and the guidance of my supervisor, Robert Swartz, enabled me
to efficiently interleave research and writing. When the first draft was fin-
ished, a number of experts from both industry and academia reviewed various

Preface : X

parts of the manuscript and provided helpful comments. In particular, Brian
Brandt (IBM), Sing Chin (National Semiconductor), Robert Jewett (HP Labs),
Andrew Karanicolas (AT&T Bell Labs), Stephen Lewis (UC Davis), Peter
Lim (Chrontel), Krishnaswamy Nagaraj (AT&T Bell Labs), Marcel Pelgrom
(Philips), David Rich (AT&T Bell Labs), and Bang-Sup Song (University of
Illinois, Urbana-Champaign) contributed with their meticulous reviews, and I
wish to express my gratitude to all of them. I am of course solely responsible
for any errors or inconsistencies that may have remained in the text.

During the publication process, I have benefited from the kind support
of the IEEE Press staff and would like to thank especially Russ Hall, Valerie
Zaborski, Denise Gannon, and Dudley Kay for all their effort.

Behzad Razavi
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Introduction
to Data Conversion
and Processing

The proliferation of digital computing and signal processing in electronic sys-
tems is often described as “the world is becoming more digital every day.”
Compared with their analog counterparts, digital circuits exhibit lower sen-
sitivity to noise and more robustness to supply and process variations, allow
easier design and test automation, and offer more extensive programmability.
But, the primary factor that has made digital circuits and processors ubiqui-
tous in all aspects of our lives is the boost in their performance as a result of
advances in integrated circuit technologies. In particular, scaling properties
of very large scale integration (VLSI) processes have allowed every new gen-
eration of digital circuits to attain higher speed, more functionality per chip,
lower power dissipation, or lower cost. These trends have also been aug-
mented by circuit and architecture innovations as well as improved analysis
and synthesis computer-aided design (CAD) tools.

While the above merits of digital circuits provide a strong incentive to
make the world digital, two aspects of our physical environment impede such
globalization: (1) naturally occurring signals are analog, and (2) human beings
perceive and retain information in analog form (at least on a macroscopic
scale). Furthermore, when digital signals are corrupted by the medium suchj
that they become comparable with noise, it is often necessary to treat them|
as analog signals. For example, according to information theory, for a digital
signal buried in noise, amplitude digitization and subsequent decoding (“‘soft
decision decoding”) can improve the bit error rate,
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In order to interface digital processors with the analog world, data acqui-
sition and reconstruction circuits must be used: analog-to-digital converters
(ADCs) to acquire and digitize the signal at the front end, and digital-to-analog
converters (DACS) to reproduce the signal at the back end. Thisis illustratedin

Figure 1.1.
AV JVAV,

011 101
101 000
000 Digital 011

Analog/Digital
Conversion

Digital/Analog
Conversion

Processor

Fig. 1.1 Interface between analog world and a digital processor.

Data conversion interfaces find application in consumer products such as
compact disc players, camera recorders (camcorders), telephones, modems,
and high-definition television (HDTV), as well as in specialized systems such
as medical imaging, speech processing, instrumentation, industrial control,
and radar. We study one of these applications to illustrate the importance of
both data conversion and digital processing in a typical product.

Figure 1.2 is a simplified block diagram of portable camcorder electron-
ics [1]. The imaging front end consists of an array of charge-coupled devices
(CCDs) that produce a charge output proportional to the light intensity. The
charge packets from all the CCDs are sensed serially and converted to voltage,
and the resulting signal is digitized by the ADC. Subsequently, operations such
as autofocusing, image stabilization, luminance/chrominance (Y /C) process-
ing, and zooming are performed using one or more digital signal processors
(DSPs). The processed video signal is then converted to analog form and
recorded on the tape.

While adding many features to the recorder and improving its user in-
terface, the signal processing functions in Figure 1.2 are far too complex to be
implemented in the analog domain. In fact, most of these functions have been
added to camcorders simply because the ADC already provides the signals in
digital form.

The performance required of the data conversion circuits used in video
systems such as that of Figure 1.2 varies from one application to another.
In portable camcorders, a conversion rate of a few tens of megahertz with
10-bit resolution is adequate, but the power dissipation (and preferably the

Chap. 1 Introduction to Data Conversion and Processing 3
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Fig. 1.2 Simplified block diagram of a portable camera recorder electronics.

Video
Output

supply voltage) must be minimized. In HDTV, speeds as high as 70 MHz are
desirable, whereas in high-quality studio recording, resolutions of 12 to 14
bits are necessary. ' .

Since data conversion interfaces must deal with both analog and digital
signals, their design becomes increasingly difficult if they are to maintain
comparable performance with their corresponding digital systems, i.e., not
appear as a bottleneck in the signal path. This is because the primary trade-
off in digital circuits is between speed and pqwer, whereas that in analog
circuits is between any two-of speed, power, and precision (including res-
olution, dynamic range, and linearity). Furthermore, the operation of both
analog and digital circuits on the same chip leads to coupling of the noise
generated by the digital section to the sensitive signals in the analog section.
This coupling occurs via shared supply lines, substrate currents, or cross talk
between adjacent lines.

High-performance data conversion systems have often been built as hy-
brid structures, wherein different parts of the system are designed in different
technologies and placed and interconnected on a common (nonconducting)
substrate. This flexibility usually allows hybrids to achieve a higher speed
than their monolithic counterparts—the key to their survival. However, issues
such as cost, reliability, and power dissipation have created a trend toward im-
plementing these interfaces in monolithic (VLSI) technologies and ultimately
integrating an entire data processing system on a single chip. Most of the ar-
chitectures and design concepts described in this book are used in both hybrid
and monolithic applications, but the emphasis is on the latter type.

The integration of data conversion systems in VLSI technologies entails
difficulties due to scaling, the very technique adopted to improve the per-
formance of digital circuits. As supply voltages and device dimensions are
reduced, many effects occur that are not predicted by the ideal scaling theory.
For example, dynamic range becomes more limited, intrinsic gain of devices
degrades, and device mismatch increases. In addition to these problems,
many other analog design issues such as device noise and accurate control
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of device characteristics are usually ignored in optimizing VLSI technolo-
gies, and modeling of devices is typically performed with little concern for
parameters important to analog design. Consequently, obtaining the required
precision becomes the primary concern in analog and mixed analog-digital
circuits, often necessitating conservative design and sacrifice in speed and
power dissipation.

Let us now closely examine the data conversion interfaces of Figure 1.1.
The analog-to-digital (A/D) interface converts a continuous-amplitude,
continuous-time input to a discrete-amplitude, discrete-time signal. Shown in
Figure 1.3 is this interface in more detail. First, an analog low-pass filter lim-
its the input signal bandwidth so that subsequent sampling does not alias any
unwanted noise or signal components into the actual signal band. Next, the
filter output is sampled so as to produce a discrete-time signal. The amplitude
of this waveform is then “quantized,” i.e., approximated with a level from a
set of fixed references, thus generating a discrete-amplitude signal. Finally, a
digital representation of that level is established at the output,

0111
] } 0101
~ i 110
i Low-Pass | | | Sampling | | §
Filter Circuit = Quantizer |—= Decoder |—
fs

Fig. 1.3 Detailed analog-to-digital interface of Figure 1.1.

The ratio of the sampling rate fs to the signal bandwidth distinguishes
two classes of A/D converters. In “Nyquist-rate” ADCs, the sampling fre-
quency is, in principle, slightly higher than twice the analog signal bandwidth
to allow accurate reproduction of the original data. In “oversampling” con-
verters, on the other hand, the signal is sampled at many times the Nyquist
rate and subsequent digital filtering is utilized to remove the noise outside the
signal bandwidth. These two classes require vastly different architectures and
design techniques. In this book, we consider only Nyquist-rate converters.
For oversampling data conversion, the reader is referred to the literature [2,3].

The digital-to-analog (D/A) interface at the back end of the system shown
in Figure 1.1 must convert a discrete-amplitude, discrete-time signal to a

Chap. 1 References 5

continuous-amplitude, continuous-time output. This interface is depicted in -
more detail in Figure 1.4. First, a D/A converter selects and produces an
analog level from a set of fixed references according to the digital input. If
the DAC generates large glitches during switching from one code to another,
then a “deglitching” circuit (usually a sample-and-hold amplifier) follows to
mask the glitches. Finally, since the reconstruction function performed by the
DAC introduces sharp edges in the waveform as well as a sinc envelope iri the
frequency domain, an inverse-sinc filter and a low-pass filter are required to
suppress these effects. Note that the deglitcher may be removed if the DAC
is designed so as to have small glitches. Also, the inverse sinc filtering may
be performed before D/A conversion, i.e., in the digital domain.

1110
0011
1001
; : v e
D/A i linverse sinc/ Low-Pass |
| Converter Deglitcher |— Fitter

Fig. 1.4 Detailed digital-to-analog interface of Figure 1.1.

Figures 1.3 and 1.4 indicate that acquisition and reconstruction of data
entail a great deal of mixed-signal processing: filtering, sampling, quantiza-
tion, and digital encoding at the front end, and D/A conversion, sampling, and
filtering at the back end. The design of data conversion interfaces demands a
good understanding of various trade-offs in these operations as well as archi-
tecture and circuit techniques that improve the performance by relaxing these
trade-offs.

In this book, we study sampling concepts-and techniques in Chapters 2
and 3, D/A conversion in Chapters 4 and 5, and A/D conversion in Chapter 6.
The important building blocks needed in performing these operations are
described in Chapter 7, and methods of achieving high resolution in Chapter 8.
Testing and characterization are the subject of Chapter 9.
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Basic Sampling Circuits

Sampling circuits are often used at the front end of A/D converters to relax
their timing requirements, and at the back end of D/A converters to suppress
their glitch impulses. As such, they appear at the interface between the analog
world and signal processing systems and must therefore achieve a precision
and speed commensurate with the overall performance.

In this chapter, we describe basic circuits for analog signal sampling.
Following a discussion of sampling techniques, performance metrics of sam-
pling circuits are defined. Next, different types of sampling switches are
studied and their parameters are compared. Finally, methods of improving
the performance of MOS sampling devices are described.

2.1 GENERAL CONSIDERATIONS

A sampling circuit samples an analog signal and stores the result in a memory
element until the next sampling instant. This operation is usually periodic
and performed on voltages rather than currents because storing a voltage on
a capacitor is easier than storing a current in an inductor.

Depending on the application, a given waveform can be sampled in dif-
ferent manners, resulting in different frequency spectra. Figure 2.1 illustrates
three sampling techniques, called here ideal sampling [Figure 2.1(a)], zero-
order hold [Figure 2.1(b)], and track and hold [Figure 2.1(c)]. In the first
scheme, the signal x(z) is multiplied by a periodic train of impulses:
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Fig. 2.1 Sampling schemes. (a) Ideal; (b) zero-order hold; (c) track and
hold.
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k=—00 .
where (-) denotes the Dirac delta function. This causes the signal spectrum to
be convolved with a train of impulses in the frequency domam, thus replicating
and shifting the signal spectrum by integer multiples of Ts :

+00 1 n
Y, = —_— —_ )
N X(f) = n=§_°° Ts5(f Ts) 2.2)
= Ts H_E-OO X(f - -——) (2.3)

This method yields signals that are easy to analyze but is not practical because
of the difficulties in generating an ideal impulse or any reasonable approxima-
tion thereof. Also, the samples produced by this operation are often difficult
to process because circuits following the sampler usually require that the
sampled signal have a nonzero duration.

Sec. 2.1 General Considerations 9

In the second scheme {Figure 2.1(b)], the value of the waveform at the
sampling instant is captured and held until the next sampling instant. This is
equivalent to multiplying the waveform by a periodic train of impulses and
convolving the result with a rectangle function:

1
() = [x(r) Z 8t - kTs)] * n(— -3 24) ,

. k==00
where I1(z/ Ts — 1/2) denotes a single pulse with unity amplitude fromt = 0
tot = Ts. Inthe frequency domain, a spectrum similar to that of Figure 2.1(a)
is obtained but it is multiplied by a sinc function:

+00

omin sinwfTs
i) =eMR—= 3 X

In practice, the input cannot be captured in zero time, and this method
requires a sufficiently narrow sampling window (called the “aperture win-
dow™) so0 as to provide an adequate approximation of the ideal zero-order
hold.

In the third scheme [Figure 2.1(c)], the output tracks the input during
sampling (usually called the “acquisition” or “tracking” mode) and remains
at the last value of the input when the circuit enters the hold mode. Assuming
the acquisition and hold modes each last Ts/2 seconds, we can decompose
the waveform in Figure 2.1(c) into two modified square waves with a period
of Ts: one whose amplitude is multiplied by the input signal, and another

n
f - Fs)- (2.5)

whose amplitude in each period is equal to the held value at the output: , 8 :*,2“ ; SN
O =nOE RO, RN N
where ) ﬁw X< T
() = x() [H(—— - -)* Z 8t —kTs)] (2 7) e
k==00. =°N /7'7{/,@ /M’ e
a-d‘w v f'"H»LC )‘, i ,l'
2t 1
1) = 8(t —kTs — = = -2 2.8
y2(t) [x(t)k_Z:oo ( s )] (Ts 2) ( )
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Ye(f) = J{Z:O iSO D) o T
n=-0oo nmw Ts (2 9)
- (tfTs/2) & '
+e 3jnfTs/2 810 X( ___)
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following a D/A converter (Chapter 1). However, the zero-order-hold and
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In contrast with the ideal sampler, the zero-order-hold and the track-
and-hold schemes yield output spectra that have a sinc envelope, i.e., are
“distorted.” This problem mandates sinc compensation techniques [1] if the
sampler is used at the back end of a data processing system, for example,

track-and-hold circuits can be used at the front end of A/D converters with no
concern for the sinc distortion. This is possible because A/D converters sense
the output of the front-end sampler only during the hold mode, and hence
the digitized value corresponds to sampled points on the input waveform. In
other words, the combination of the front-end track-and-hold and the A/D

converter operates as an ideal sampling circuit.

In high-speed systems, the distinction between the outputs of the zero-
order-hold and track-and-hold schemes begins to diminish because the aper-
ture window width becomes comparable with the sampling period. As aresult,
except for special applications where the aperture window is in the picosecond
range [2], most monolithic sampling circuits operate as in the track-and-hold
scheme. In this book, we consider implementations of this scheme, which are
often called sample-and-hold amplifiers (SHAS) or track-and-hold amplifiers
(THAsS).

Figure 2.2 shows a simple sample-and-hold circuit. In the sampling
(acquisition) mode, switch S (controlled by C K) is on and the output voltage,
Vout, tracks the input voltage, Viy. In the transition to the hold mode, § turns
off and V,y remains constant until the next sampling period. In this circuit,
the switching operation and the transient currents drawn by Cy introduce
noise at the input, often mandating the use of a front-end buffer. Furthermore,
since the voltage stored on Cy during the hold mode can be corrupted by any
constant or transient current drawn by the following circuit, a buffer must also
be placed at the output, resulting in the circuit shown in Figure 2.3.

cK
s
Vln CH Vout

Fig. 2.2 Simple sample-and-hold circuit.

In practice, the nonidealities associated with the buffers and the sampling
switch in Figure 2.3 necessitate substantial added complexity to achieve a

Sec.2.2 Performance Metrics 11

given set of performance specifications. In fact, as discussed in Chapter 3,
some SHA architectures are considerably different from that of Figure 2.3.

Input Output
Buffer QK Buffer
S
v, Vour

in cH
- {

Fig. 2.3 Sample-and-hold circuit with input and output buffers.

0

Before describing various nonidealities that accompany the building

- blocks of SHAs, we need to define performance specifications of sampling

circuits. .

2.2 PERFORMANCE METRICS

In order to characterize sampling circuits thoroughly, a large number of pa-
rameters must be evaluated. The terminology and definitions adopted for
SHA metrics by different manufacturers are not exactly the same and can
cause confusion when different designs are compared. In this section, we de-
fine a number of terms commonly used to describe the performance of SHAs
so as to establish a consistent set of metrics for this book. For a more com-
prehensive set of definitions, the reader is referred to the literature {3] and to
manufacturers’ data books.

The performance metrics defined below are illustrated graphically in
Figure 2.4 and discussed using the SHA architecture of Figure 2.3.

® Acquisition time, 7acq, is the time after the sampling command re-
quired for the SHA output to experience a full-scale transition and
settle within a specified error band around its final value. Acqui-
sition time is determined by the recovery delay of B, and Bj, the
on-resistance of S, the value of Cy, and the maximum allowable
error.

® Hold settling time, #s, is the time after the hold command required
for the SHA output to settle within a specified error band around its
final value. This time is given primarily by the settling time of B,.

® Dynamic range is the ratio of the maximum allowable input swing and
the minimum input level that can be sampled with specified accuracy.
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Dynamic range is limited by supply voltage, threshold or turn-on
voltage of devices used in the circuit, and input-referred noise of the
circuit.

Nonlinearity error is the maximum deviation of the SHA input/output
characteristic from a straight line passed through its end points [line
AB in Figure 2.4(b)]. Usually specified for the held values of the
output, this etror originates from nonlinearities in B; and By, nonlin-
ear dependence upon Vi, of the charge injected by § onto Cy, and
variation of the switch on-resistance with the input voltage.
Aperture jitter is the random variation in the time required for the
sampling switch to turn off after the hold command is asserted. Also
called “aperture uncertainty,” this error is a measure of the deviation
of sampling instants from equally spaced points in time and arises
from the noise that affects the hold command assertion (e.g., jitter in
transitions of CK).

Pedestal error voltage is the error introduced at the SHA output during
the transition from sample to hold. This error stems from the charge
injected by S onto Cg when this switch turns off.

Gain error is the deviation of the slope of line AB from its ideal value
(usually unity). This error results from the gain error of B and B,
and input-dependent pedestal voltage.

Hold-mode feedthrough is the percentage of the input signal that ap-
pears at the output during the hold mode. This effect appears because
switch S usually has a parasitic capacitive path between its input and
output terminals even in the off state. This path conducts voltage
variations and gives rise to input feedthrough during the hold mode.
Droop rate is the rate of discharge of the capacitor during the hold
mode. Droop rate is a function of the leakage currents drawn by
parasitic dc paths from node X to other nodes (e.g., the substrate), the
input bias current of B,, and the value of Cy.

Signal-to-noise ratio (SNR) is the ratio of the signal power to the noise
power at the output in the hold mode (usually for a sinusoidal input).
SNR is limited by the noise contributions from B, B, and S and the
aperture jitter. :
Signal-to-(noise + distortion) ratio (SNDR) is the ratio of the signal
power to the total noise and harmonic power at the output in the hold
mode (for a sinusoidal input). SNDR is limited by the noise.sources
mentioned above and nonlinearities resulting from B, B,, and charge
injection of §. :
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Fig. 2.4 Sample-and-hold performance metrics.

2.3 SAMPLING SWITCHES

As noted in the previous section, a large number of SHA limitations origi-
nate from nonidealities of the sampling switch. Acquisition time, aperture
jitter, nonlinearity, pedestal error, feedthrough, and SNDR of these circuits
are strongly influenced by the sampling switch performance.

In this section, we describe two types of sampling switches commonly
utilized in CMOS and bipolar SHAs. In Chapter 3, we will see that, depending
on the architecture, other switching techniques can be employed to improve
the performance.
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2.3.1 MOS Switches

An MOS transistor can be used as an analog switch, with its gate voltage
controlling the resistance between its source and drain (Figure 2.5). For
a square-law NMOS device that operates in the linear (triode) region, this
resistance can be expressed as

R = 1

" unCor ¥ (Vos — Vi)'
where i, is the electron mobility in the channel, Cox is the gate oxide capac-
itance per unit area, W and L are the effective width and length of the device,
respectively, Vs is the gate-source voltage, and Viy is the threshold voltage.
For a fixed sampling capacitor, the acquisition time can be decreased only
by lowering Rop, i.c., by increasing the terms in the denominator of (2.10).
In a given CMOS process, 1, Cox is normally constant and Vs usually can-
not exceed the supply voltage, leaving W/L as the only variable in (2.10).

Thus, high-speed applications often incorporate MOS switches with a large
W/L.

(2.10)

CK

out

@ ' (b)

Fig. 2.5 (a) MOS sampling circuit; (b) equivalent circuit in the sampling
mode.

In addition to a finite on-resistance, MOS switches exhibit channel
charge injection and clock feedthrough. When on, a MOSFET carries a cer-
tain amount of charge in its channel that, under strong inversion conditions,
can be expressed as 0=V

Qcn & WLCox(Vs — Vu)- 2.11)
When the device turns off, this charge leaves the channel through the source
and drain terminals, introducing an error voltage on the sampling capacitor
(Figure 2.6). This error appears as an offset if Q. is constant, a gain error if
Qcn is linearly proportional to the input signal, or a nonlinear term if Q. has a
nonlinear dependence on the input signal. While the first two types of error can
be tolerated in some applications (e.g., data converters used in digital signal
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processing), the third type limits the linearity of the SHA and contributes
harmonic distortion. The nonlinear component in Q. arises primarily from
the nonlinear dependence of Vry in (2.11) on the input voltage through body
effect.

Fig.2.6 MOS switch charge
injection. o

The charge injection mechanism in MOS switches has been analyzed
extensively {4, 5, 6]. These studies show that the fraction of the charge in-
jected onto the source and drain terminals depends on both the impedance
seen at these nodes and the clock transition time [6]. In addition, these stud-
ies have provided mathematical descriptions of the injection mechanism and
theoretical and experimental plots of the injected charge as a function of the
impedances and clock transition time [6]. In practice, however, it is difficult
to accurately predict or control these variables or apply the error figures mea-
sured for a given topology to another circuit. More importantly, most of the
present circuit simulation programs do not model this mechanism accurately.
For these reasons, many circuit techniques have been invented to suppress
charge injection errors regardless of the exact value of such parameters as ter-
mina] impedances and clock transition times. These techniques are described
in the context of SHA architectures in Chapter 3.

Another source of error in MOS switches is clock feedthrough, caused by
the finite overlap capacitance between the gate and source or drain terminals.
As depicted in Figure 2.6, when the gate control voltage C K changes state to
turn off the switch, C,y conducts the transition and changes the voltage stored
on Cy by an amount equal to '

COV
AV = Cort Cr Vek, 2.12)
where Vcg is the amplitude of CK. This equation indicates that clock
feedthrough is independent of the input signal if Coy is constant and thus
appears as an offset in the input/output characteristic.
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A frequency-dependent nonlinearity error in MOS sampling circuits
arises from the variation of the switch on-resistance with the input voltage,
i.e., the dependence of Ry, in (2.10) upon Vgs. As shown in Figure 2.7, for
high-frequency inputs this variation introduces input-dependent phase shift
and hence harmonic distortion.

|

Fig. 2.7 Distortion caused by switch on-resistance variation in the tracking
mode.

Another error that appears in high-speed MOS sampling circuits stems
from the input-dependent sampling instant. Since the MOS switch turns off
only when its gate-source voltage has fallen below Vg, the time at which
the device turns off (and the circuit enters the hold mode) depends on the
instantaneous level of the input. For example, if the switch is an NMOS
transistor, then the circuit enters the hold mode slightly later when the input
signal is near ground potential than when it is higher. Ilustrated in Figure
2.8, this phenomenon introduces jitter and harmonic distortion and becomes
noticeable when the clock transition time is comparable with the input signal
slew rate. For a sinusoidal input with amplitude A and frequency fip, it has
been shown that this phenomenon limits the signal-to-distortion ratio (SDR)
of the SHA to

SDRpmax = 201og;g 4.0, (2.13)

Vek
AfintF
where Ve and 75 are the clock amplitude and falltime, respectively [7].

An important aspect of sampling circuits is the hold-mode feedthrough
because it can contribute noise to the output. As shown in Figure 2.9, for
a MOS switch this error results from the path through the source-gate and
gate-drain overlap capacitance and can be expressed as

Sec. 2.3 Sampling Switches 17

CK
Vex
Ideal
Sampling
Instant
Vﬂ( .......................... A/ s
2

Actual
Sampling
Instant

Fig. 2.8 Dependence of sampling instant on input level.
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where R,y denotes the output resistance of the switch driver and it is assumed
Coy & Cy. The value of Ry, should be chosen such that the feedthrough at
maximum input frequency is sufficiently small.

(2.14)

Fig. 2.9 Hold-mode feedthrough.

The sampling switch input and output range can also limit the full-scale

. voltage swing of a sampling circuit. For a supply voltage of Vpp, the cir-

guit of Figure 2.5 has a maximum full-scale range of Vpp — Vry, where

- Vry includes the body effect where appropriate. In practice, the input swing
‘ hardly exceeds (Vpp — Vry)/2 because of the substantial increase in switch

resistance and the resulting frequency-dependent harmonic-distortion. This
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range can be extended to supply rails if the switch is realized as a comple-
mentary pair. As depicted in Figure 2.10, this is accomplished by controlling
the gates of an NMOS and a PMOS device with complementary clocks so
that the two devices turn on and off simultaneously. In this circuit, the NMOS
transistor conducts for 0 < Viy < Vpp — Vrun, while the PMOS device is
on for |Vrup| < Vin < Vpp, thereby providing a rail-to-rail input and output
range.

' CK
M,

o

M, J. v
vln T C1 out
E-K T

Fig. 2.10 Complementary MOS sampling switches.

o

In addition to an extended range, the circuit of Figure 2.10 has another
important advantage over that of Figure 2.5: the equivalent on-resistance of
a CMOS switch, compared with that of a single NMOS or PMOS device,
varies much less as a function of the input voltage. Figure 2.11 plots the on-
resistance of an NMOS, a PMOS, and a complementary MOS switch versus
the input voltage, indicating only a small peak in the CMOS on-resistance
near the middle of the range. The relatively constant on-resistance across the
entire input/output range allows reasonable sizes for the switches and also
minimizes the harmonic distortion caused by variation of switch resistance.

While it may seem that M; and M; in Figure 2.10 cancel each other’s
charge injection if they have identical dimensions, equation (2.11) indicates
that | Qcn] depends on |Vgs — V| and hence will not be equal for M, and
M, if Vj, has an arbitrary value.

In high-speed applications, the complementary clocks required for
CMOS switches can pose timing problems. Unless the clock edges are aligned
such that the two transistors tumn off at precisely the same instant, either one
could be conducting weakly for a short while, introducing an input-dependent
phase shift or sampling instant.

An important feature of MOS switches is that they introduce zero offset
(level shift) from their source to their drain if the following circuit draws no
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Fig.2.11 Variation gf on-resistance of NMOS, PMOS, and CMOS switches.

current. This is in contrast with the behavior of diode switches described
below.

2.3.2 Diode Switches

Semiconductor diodes exhibit small on-resistance, large off-resistance,
high-speed switching, and thus potential for the switching function in sam-
pling circuits. A simplified diagram of a typical diode switch is shown in Fig-
ure 2.12 [8]. Here, four diodes form a bridge that provides a low-impedance
path from Vi, to Vo, when current sources I; and I, are on and (in the ideal
case) isolates Vo from Vi, when 1) and 1 are off. Nominally, I) = I, = I.

For small signals at Vi, and Vi, the equivalent on-resistance of the
switch, Roq, is equal to the parallel combination of the resistance of the two
branches consisting of D;-D; and D3-D4. Each diode exhibits an incremental
resistance, 1/g,,, resulting from its exponential 7-V characteristics, as well
as an ohmic resistance, r4, due to contact and material resistance. Thus,

1
Ron = — +r14. (2.15)
8m

In order to minimize Ry, g, can be increased by raising the bias current
or ry can be lowered by increasing the area of each diode. The latter remedy,
however, increases the junction capacitance of the diodes, thus causing larger
feedthrough in the hold mode. This effect is quantified later.

Actual implementations of the diode sampling bridge often control only
one of the current sources, usually /5, while the other is always on. This
is because it is difficult to turn off 7; and I, at precisely the same instant,
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Fig. 2.12 Diode sampling switch.

especially if high-speed pnp or PMOS transistors are not available. Figure
2.13(a) illustrates such an implementation. Here, when CK is high, Q) is
off, Q5 is on, and the circuit is in the acquisition mode. When CK goes low,
Q) turns on, Q> and hence the bridge turn off, and the circuit enters the hold
mode. Note that 7; need not be a high-speed device for it operates as 2 passive
component, but the capacitance it introduces at node X is critical.

In the circuit of Figure 2.13(a), when C K islow and the bridge is off, 01
may enter saturation because the voltage at node X is not well-defined. Figure
2.13(b) depicts a modification where clamp diodes Ds and Dg and current
source I3 are added to the circuit, Typically, I, ~ I + I; and the clamp
voltage V3, is at the midpoint of the input voltage range. When CK is high,
Q3 sinks both I; and I3, and Ds and Dy are reverse-biased if Vz1 — Vbiom <
Vi < Va1 + Vb3on).- When CK goes low, I, flows from node X, Ds turns
on, and Vy is clamped to Va1 — VD5(on)» while I3 flows through Dg and Vy is
clamped to Vg1 + Vpé(on)-

The variation of the on-resistance of a diode switch as a function of the
input voltage is different from that of a MOS device. In the circuit of Figure
2.13, when the input voltage goes through a positive excursion, Cy draws
current from D;; therefore, Dy and D4 conduct less, whereas Dy and D3
conduct more. If the change in the currents of Di-Da is a small fraction of
their quiescent current Ip, then the increase in the resistance of D; and Dy
is compensated by the decrease in the resistance of D, and D3, respectively,
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(a) (b)

Fig.2.13 (a)Simple bipolar sampling bridge; (b) modified circuit with clam
diodes. F

thereby yielding negligible variation in the on-resistance of the overall switch.

.. We can formulate the above condition by noting that if

Vin ® Vour = Asinwt, (2.16)
then the maximum current drawn by Cy occurs whent = nx/w and is equal to
Inax = Cy d_chta_u: lr=nm/ew (2.17)
= ChAo. (2.18)

This current must remain much less than 7;i.e.,
ChAv K 1. (2.19)

The charge injection and feedthrough behavior of diode switches is also

v.different from that of MOS devices. Since a diode biased at a current Ip

carries a charge equgl to Ip - 7r, where 7r is the transit time, the charge
injection error is relatively constant because, as explained above, in a properly

designed switch Ip remains fairly constant. Thus, charge injection introduces

only a constant offset in the input/output characteristic. On the other hand
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in the diode bridge of Figure 2.13(b) the change in Vx and Vy, which is
coupled to the output through the junction capacitance of D, and Dy, causes
nonlinearity and gain error [9]. To understand why, note that in the tracking
mode, Vx = Vi + Vp(on) and Vy = Vig — Vp(on), Whereas in the hold mode,
Vx = Vg1 — Vp(ony and Vy = Vp; -+ Vp(on). Consequently, in the transition
from tracking to hold, Vx drops by Vin — Vg1 + 2Vp(on) and Vy rises by

V81 — Vin + 2Vp(on), creating an input-dependent pedestal at Vo. Since the

junction capacitance of D, and Dy is voltage-dependent, the pedestal has a
significant nonlinear component.

In order to eliminate the input dependence of the pedestal, Vg can
be bootstrapped to the held output voltage [9]. This is illustrated in Figure
2.14, where the unity-gain buffer B; provides a clamp voltage equal to the
held level. Now Vy and Vy change by —2Vp(on) and +2Vp(on), respectively,
yielding substantially less nonlinearity,

Vee
L1
™
X
D, D,
Vino B1 —o Vout

Fig. 2.14 Sampling bridge with bootstrapped clamp voltage.

The hold-mode feedthrough of sampling bridges depends on the junction
capacitance of the bridge diodes and the on-resistance of the clamp devices.
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For example, when the circuit of Figure 2.13(b) is in the hold mode, it can
be simplified as shown in Figure 2.15, where the junction capacitance of D;-
D4 is modeled with Cj, and the on-resistance of Ds and Dg with Ro,. For

Cj < Cp, the feedthrough transfer function is expressed as

Vout 2C 71 RonC js
N — ————, 2.20
Vin eld CH 2RnnCjs + 1 ( X
¢ G
— —
Ron ~
/\/ Vin o—4 Vg -‘L o Vout
- Bon I cH
— — T
¢ S

Fig. 2.15 Simplified circuit of diode bridge in the hold mode.

An important drawback of diode switches is the limitation they impose
on the input and output voltage swings. In the circuit of Figure 2.13(a),
“current sources I; and I, typically require at least 0.5 V to maintain a high
-output impedance, the bridge consumes 2Vp(on) (= 1.6 V) of the headroom,
and Q; must have a Vg of approximately 0.5 V to operate in the forward
- active region. As a result, the maximum voltage swing at Vi, and Vo in a
5-V system is only 1.9 V. ‘
© Another drawback of diode switches is the dc offset from input to output
: ‘due to device mismatches. For example, if in Figure 2.13(a), I; = Ic + Al
“‘and D3 and D, are mismatched, then the output offset voltage is

Al Al
Vos ~ Vrln(l + — + ==2
I, Is

- where Alg/Is is the relative mismatch between the saturation currents of D
~and Dg.

2.3.3 Comparison of MOS and Diode Switches

), (2.21)

‘ Following our study of MOS and diode switches in the last two sections,
- we-can now compare their properties.

® Diode switches generally have a lower on-resistance than MOS
switches. If each diode in a bridge is biased at 0.5 mA and has a
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series (ohmic) resistance of 40 €, then the equivalent on-resistance
of the bridge is approximately 90 §2. Attaining such a low resistance
with a MOSFET usually requires very large width-to-length ratios,
typically greater than 1000. This in turn exacerbates charge injection
and clock feedthrough problems.

e The on-resistance and charge injection of diode switches depend much
less on the input voltage than do those of MOS devices, making the
former more attractive for high-precision open-loop applications.

e Diode switches such as that of Figure 2.13 operate with clock voltage
swings roughly an order of magnitude smaller than those of MOS cir-
cuits, allowing sharper edges and better definition of sampling points
in time. For this reason and because of lower noise in ECL circuits
than in MOS circuits, diode switches have a potentially lower jitter
than their MOS counterparts.

* The input voltage range of MOS sampling circuits is generally larger
than that of diode switches, thus allowing a wider dynamic range.

e MOS switches introduce no dc level shift (offset) from the input to
the output if the following circuit draws no current. Diode bridges,
on the other hand, suffer from a finite offset caused by mismatches in
current sources and diodes.

e Diode switches are typically much more complex and dissipate much
more power than MOS sampling circuits. The circuit of Figure
2.13(b), for example, requires at least six diodes, a differential pair,
and three current sources whose magnitudes and variations with tem-
perature and process must be well-controlled. A MOS sampling
switch, on the other hand, consists of one or two transistors. While
this difference in complexity and power dissipation may not be sig-
nificant for a single SHA, it becomes important if a sampled-data
system such as an A/D converter or a filter requires a great number
of sampling switches.

2.3.4 Improvements in MOS Switch Performance

The simplicity of MOS switches has made them attractive for large-scale
analog integrated circuits. However, as discussed in previous sections, MOS
devices suffer from large on-resistance and substantial charge stored in their
channel. In fact, the strong trade-off between these two parameters limits the
level of speed-accuracy that can be achieved in a simple circuit such as that
of Figure 2.5. We can formulate this trade-off by defining a figure of merit:

F = [(pedestal error) - (acquisition time)]'1 (2.22)
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The pedestal error is

AV, = 2%: (2.23)
_ WLCox(Vos — V) 2.24)

2Cy

where we have assumed half of the channel charge of the switch is inject::d |

onto Cy and neglected clock feedthrough. The acquisition time constant is

Tacq = RanChi (2.25)

= C (2.26)
tnCox ¥ (Vas — Vi) '
Note that since 7,.q depends on the gate-source voltage and hence varies with
input, modeling the acquisition behavior with a single time constant is only a
rough approximation.
From (2.24) and (2.26), it follows that

Fe_ L (2.27)

AVp - Tacq
2u
=I5 (2.28)

This equation indicates that, in a given CMOS technology, the MOS sampling
circuit of Figure 2.5 does not achieve a speed-accuracy product higher than
roughly 2y, /L. This product is further degraded by clock feedthrough.

In order to relax the trade-off given by (2.28), a number of circuit tech-
niques have been proposed, two of which are illustrated in Figure 2.16. In
Figure 2.16(a), a dummy device M, with half the width of the sampling switch
M, (and the same length) is added and driven by CK, the complement of the
sampling clock C K [10]. In this circuit, when M turns off and injects charge
onto Cy, M; turns on and absorbs charge from Cg in its channel. Thus,
if exactly half of the M, channel charge is injected onto Cy, then complete
cancellation occurs and the held voltage on Cy is not corrupted by the charge
injection. However, the fraction of channel charge injected by M, onto its
source and drain depends on the impedance seen at the input and output nodes
and the clock transition speed [6], indicating that Cy may not receive half
of the M; channel charge and that this scheme may not provide accurate
cancellation.

Figure 2.16(b) shows another sampling configuration, where the circuit
is implemented in differential form [11]. In this topology, Vin1 and Vi; 2
are differential inputs (i.e., they vary by the same amount but in opposite
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Fig. 2.16 Cancellation of MOS charge injection using (a) dummy switch
and (b) differential operation.

directions) and Vo1 and Vo2 are differential outputs (i.e., their difference
is sensed by the following circuit). Charge injection and clock feedthrough
errors at Vou,; and Vout,2 are to the first order equal and hence appear as a
common-mode (CM) component at the output. An important error, however,
still exists here: since the channel charge of M; and M, is a function of
their Vgs and since Vip,1 # Vin2, the differential held output includes an
input-dependent charge injection error term. This term introduces gain error
and nonlinearity, limiting the usefulness of this topology only to applications
where Vip1 — Vin2 18 much less than the Vgs — Vru of the switches.

Another MOS sampling technique is depicted in Figure 2.17. In the
acquisition mode, M) and M, are on, M3 is off, Vou = Vpp, and the capacitor
voltage tracks the input. In the transition to the hold mode, first & goes low,
turning off Ma, and after a small delay @, falls, turning M, off and M3 on.
Thus, Vy drops from Vi, to 0 and hence the change in Vou is equal to —Vin
at the sampling instant. Since M2 always turns off first, the channel charge
of My—which is input-dependent—does not introduce any error. Moreover,
as the gate-source voltage of M, is independent of Vin, the channel charge
injected by this switch appears as a constant offset at the output.

While suppressing input-dependent charge injection, the circuit of Fig-
ure 2.17 suffers from another source of nonlinearity that limits its speed. In
the transition to hold, when Vo falls from Vpp to Vpp — Vin, 2 voltage di-
vision occurs between Cg and the drain junction capacitance of My, yielding
a nonlinear component in Vou. Since this capacitance is proportional to the
device width, it trades directly with the on-resistance and hence the acqui-
sition time. Nevertheless, differential versions of this topology can provide
relatively high speed and high linearity.
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Fig. 2.17 CMOS sampling circuit with series capacitor.

Appendix 2.1 Effect of Aperture Jitter on SNR. Considerasine wave
Viy = Asin2r fint sampled at t = kTs + €, where € is the aperture jitter.
Since each sampling instant can deviate from its ideal value by €, the sampled
amplitude has an error of edVip/dt. Thus, the overall sampled waveform
can be viewed as the sum of an ideal sine wave and a noise component. To
calculate the SNR for an otherwise ideal sampling circuit, we assume that €
is a random process uncorrelated with Vi, and express the noise power as

—1 Ts dV;
P = 62?}5 fo (—dt-‘l)2 dt (2.29)

= 2n2 f2A%El, (2.30)

~ where Z(= e,zms) denotes the mean squared value of € [12]. Thus,

SNR = —2010g(27 fin€rms) dB. (2.31)

This relation proves useful if jitter is the dominant source of noise in a system.

" In a general case, other sources of noise must be taken into account as well.
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Sample-and-Hold
‘Architectures

Since the introduction of the first monolithic sample-and-hold amplifier in
1974 [1], a variety of architectures amenable to integration in different tech-
nologies have been proposed. Owing to these architectures, as well as ad-
vances in integrated circuit technology, the performance of SHAs has dra-
matically improved, providing 12-bit acquisition times of less than 25 nsec in
1991 (2] compared to 10 usec in 1974 [1]. These architectures generally em-
ploy circuit techniques to reduce the pedestal error without sacrificing speed
and linearity of the system.

In this chapter, we describe a number of SHA architectures often used in
data acquisition systems. Up to the mid-1980s, most sample-and-hold circuits
fell into either the “open-loop” or the “closed-loop” category [1]. However,
the configurations introduced in recent years cannot really be classified in
this fashion because they incorporate various local and global feedback paths,
obscuring the distinction between open-loop and closed-loop topologies in the
conventional sense. For this reason, we describe each of these architectures
individually.

3.1 CONVENTIONAL OPEN-LOOP ARCHITECTURE

The open-loop architecture has been conéidered attractive because of its sim-
plicity and potential speed. Used in Chapter 2 to illustrate SHA properties
and shown in Figure 3.1, this architecture consists of an input buffer B|, a
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sampling circuit comprising § and Cy, and an output buffer B;. When S is
on, the circuit is in the acquisition mode and Vou tracks Vin. W'hen'S turns
off, the instantaneous value of the input is stored on Cy and the circuit enters
the hold mode.

Input Output -
Buffer C,K Buffer
y X b
; b 3
Vln CH ng
o P 0

Fig. 3.1 Open-loop sample-and-hold architecture.

As this topology includes no global feedback, it is unconditionally sta-
ble (if B; and B, are stable) and can therefore be designed for higl_x-speed
operation. For example, utilizing Schottky diode bridges, this architecture
has achieved rates as high as 2 GHz [3]. N

The speed of the circuit in Figure 3.1 is determined by its acquisi-
tion time and hold settling time. The acquisition time depends on the track-
ing speed and output impedance of Bj, the on-resistance of S, and the val.ue
of Cy, while the hold settling time is governed by the settling behavior
of B,.

2In addition to their impact on the SHA’s speed, B} and B; also influence
the linearity of the system, especially because both experience fu_ll signal
swings at their input and output. As a consequence, the linearity requirements
of the overall SHA often impose restrictions on the design of B) and B,
thus limiting their speed. In general, these buffers can employ opejn'-loop
configurations with various correction techniques {4] to achieve lmeaphes up
to 10 bits. For higher linearity, they are usually implemented as hxgh-gam
amplifiers with local feedback. Chapter 7 describes various amplifier design
1ssues.

An important drawback of this architecture results from the inPut-de-
pendent charge injected by the sampling switch onto the hold capacx'tor, an
eminent source of nonlinearity in MOS implementations. As explained in
Section 2.3, this error is not reliably canceled by dummy devices or differen-
tial configurations and hence limits the linearity of open-loop CMOS SHAs
to approximately 8 bits. Diode switches, on the other hand, exhibit much
less input-dependent charge injection and have been successfully used for
linearities up to 12 bits in bipolar technology [5].
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Sec.3.2 Conventional Closed-Loop Architecture

In summary, the open-loop architecture offers high speed and relatively
high linearity when realized in bipolar SHAs with diode bridges but suffers
from input-dependent pedestal error in CMOS implementations.

3.2 CONVENTIONAL CLOSED-LOOP
ARCHITECTURE

In order to suppress input-dependent pedestal errors in a SHA, the sam-
- pling switch can be included in a feedback loop such that it experiences voltage
swings much smaller than the input and output swings. This concept is the
basis for the closed-loop architecture shown in Figure 3.2, which consists of
atransconductance amplifier G,,, sampling devices S and Cy, and a voltage
amplifier Ag [1]. The circuit operates as follows. In the acquisition mode, S
is on and the circuit functions as a two-stage op amp compensated by Cy and
configured as a unity-gain buffer. Thus, the output closely follows the input
and, if Ag is Jarge, X is a virtual ground node, allowing the voltage across
* Cy to track the input. When S turns off, the instantaneous output voltage is
' stored on Cy and the feedback circuit consisting of Ag and Cy retains the
sampled voltage at the output.

P
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Fig. 3.2 Closed-loop sample-and-hold architecture.

An important feature of this architecture arises from the virtual ground
property of node X: since in the sampling mode the output voltage of G, is
also close to ground potential, switch S always turns off with a constant volt-
age at its input and output terminals, thereby injecting a constant charge onto
Cy and introducing a pedestal error that is independent of the input signal.

* hegligible nonlinearity. In order to reduce the offset resulting from charge in-
- jection and clock feedthrough, areplica of the sampling network can be placed
at the noninverting input of Ay so that the pedestal appears equally at both of
its inputs, i.e., as a common-mode voltage. This technique is illustrated for
MOS switches in Figure 3.3 [6], where M, and C; are identical with M; and
Cy, respectively. In this circuit, M) and M, turn off simultaneously, injecting
channel charge onto Cy and C;. However, these charge packets may not be

As a result, this error appears primarily as an offset voltage and contributes -

O chane/ .
@ tlock fetihrog
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Fig. 3.3 Closed-loop sample-and-hold architecture with pedestal cancella-

tion.

exactly equal because M) sees the output impedance of G,, on one side while
M3 sees the ground. Nonetheless, clock feedthrough components of the ped-
estals are equal and cancel out. More accurate cancellation of the pedestals can
be achieved through the use of this architecture in fully differential form [6].

The main limitation of closed-loop architecture arises from its stabil-
ity and speed considerations. Since the circuit of Figure 3.2 functions as
a two-stage op amp in the sampling mode, the dominant pole given by the
output impedance of G,, and the Miller multiplication of Cz must provide a
reasonable phase margin so that the output quickly tracks the input with the re-
quired accuracy. As in a typical two-stage op amp (Chapter 7), several factors
degrade the phase margin and, more importantly, the output settling behav-
ior. Since G, and Ay usually contribute several nondominant poles, some of
which may not be sufficiently greater than the dominant pole, settling to high
accuracies may be slow. Furthermore, the pole given by the output impedance
of Ao and the load capacitance often causes long settling times. Additionally,
the magnitude of this pole may vary with Vou if the output impedance of A,
depends on the load current, thereby introducing output-dependent settling
components [6]. This effect is discussed in Chapter 7.

The above stability issues often necessitate conservative compensation
of the closed-loop architecture so as to avoid underdamped settling despite
variations in process, load capacitance, and temperature. Consequently, this
architecture does not usually achieve the maximum potential speed of a given
technology. .

Another drawback of this architecture stems from the signal path from V;,
to Vou through the input capacitance of G,,. This path introduces significant
hold-mode feedthrough if the capacitance between the input terminals of G,
is large, e.g., if the input stage of Gn utilizes large devices. The feedthrough
is attenuated by the output impedance of the unity-gain amplifier comprising
Ap and Cy. But this impedance typically increases with the input frequency,
allowing larger feedthrough of high-speed signals. |
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In summary, the closed-loop architecture suppresses the input-dependent
component of the hold pedestal by incorporating the sampling switch in a feed-
back loop. This architecture, especially in a fully differential configuration,
is attractive for high-precision systems but usually suffers from slow time
response.

3.3 OPEN-LOOP ARCHITECTURE
WITH MILLER CAPACITANCE

The conventional open-loop architecture described in Section 3.2 suffers from
a fundamental limitation due to the speed-precision trade-off of the sampling
switch given by (2.28). This trade-off results from the relationship between
the on-resistance and channel charge of MOSFETs, indicating that the hold
pedestal can be reduced only if slower acquisition is acceptable. However,
noting that these limitations exist simply because the same capacitor is used
for both acquisition and hold, we can avoid them by using different capacitors
in the sampling and hold modes. The open-loop architecture with Miller
capacitor is based on this concept and illustrated in Figure 3.4(a) [7].

The circuit consists of a sampling switch M; and an ac-coupled Miller
amplifier comprising A9, M3, C; and C;. In the sampling mode, both M, and
M are on, Ay is configured as a unity-gain circuit, providing virtual ground
at nodes X and Y, and capacitors C; and C; track the input voltage [Figure
3.4(b)]. In the transition to the hold mode, M 1 and M3 turn off simultaneously
and Cy, Cy, and A form a feedback amplifier that introduces a capacitance
of approximately AqC; from node Z to ground [Figure 3.4(c)]. Thus, in
this architecture the hold capacitor is roughly AoC,/(C; + C,) times the
acquisition capacitor, thereby relaxing the speed-precision trade-off described
in Section 2.3 by the same factor. Note that since M, always turns off with
(virtual) ground potential at its source and drain, its charge injection causes
negligible nonlinearity.

In this architecture, even though Ay must be a high-speed amplifier to
provide a low output impedance at high frequencies, it nonetheless does not
need a wide dynamic range because its output voltage swing results from only
the charge injected by M,. This simplifies its design, allowing optimization
for speed.

In practice, the topology of Figure 3.4(a) suffers from second-order
sources of error. First, owing to their input-dependent switching point, M,
and M, do not always turn off simultaneously, thus creating Miller effect
either in the sampling mode (which slows down the acquisition and introduces
input-dependent delay) or after M, has turned off and injected its charge
onto C; and C, (in which case the amplifier will not suppress the error).
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Fig. 3.4 Open-loop architecture with Miller capacitance. (a) Basic circuit;
(b) equivalent circuit in the acquisition mode; (c) equivalent circuit
in the hold mode.

Second, when turning off, M; and M; interact through C; and influence
each other’s charge injection, making the charge injected by M somewhat
input-dependent. Nonetheless, Lim and Wooley [7] have shown that the
nonlinearity introduced by this interaction is negligible for resolutions up to
8 bits.

In summary, the open-loop architecture with Miller capacitance em-
ploys two different values of capacitance in the acquisition and hold modes
to achieve high speed and small pedestal error. This is accomplished using a
Miller amplifier that multiplies the effective value of the sampling capacitor
by a large number when the SHA enters the hold mode.
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3.4 MULTIPLEXED-INPUT ARCHITECTURES

A class of SHA architectures employs input multiplexing to reconfigure the
circuit when it goes from the acquisition to the hold mode. In this section, we
describe two variants of this architecture.

Figure 3.5(a) shows the single-ended version of a multiplexed-input
SHA originally proposed by Ryan [8] and later modified by Petschacher et
al. [9]. It consists of transconductance amplifiers Gm1 and G2 and transre-
sistance amplifier R. Nominally, G, R = Gz R = 1. Amplifiers G, and
G m are controlled (i.e., multiplexed) by C K and CK. During sampling, Gm)
is enabled, G 3 is disabled, and G,,; and R operate as a unity-gain amplifier,
allowing Vi, to track V;,. Note that the acquisition time constant is given
primarily by the output resistance of R and the value of Cy. In the transition
to the hold mode, G, is disabled, G, is enabled, and G2 and R are con-
figured as a unity-gain amplifier, thereby retaining the sampled value of V;,
across Cy.

V"_| -—b—ﬂ—%-; Vou

CK

p——o V.

x out

()

Fig.3.5 Multiplexed-input architecture. (a) Basic (single-ended) circuit; (b)
equivalent circuit in the hold mode.

In order to illustrate the hold-mode operation, we consider a simplified
version of the circuit, shown in Figure 3.5(b), where 4 = G,2R (*1) and
R, represents the open-loop output resistance of the amplifier. Assuming

2
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5
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that Cy is charged to a voltage Vj at the end of the acquisition mode and
neglecting the input bias current of A, we note:

Vout - VX =—C dVout

R PT G-
and
Vx = AVou. (3.2)
Thus,
Viu = Vo exp :r-f 3.3)

where T = R, Cr /(1 — A) and the origin of time is the beginning of the hold
mode. Equation (3.3) shows that if A = 1, then 7 = o0; i.e., the droop rate
is zero and V,,, will remain at Vj indefinitely. If A = 1 + ¢, then V,,, decays
with a time constant equal to R, Cx/¢; i.e.; the droop time constant is 1/€
times the acquisition time constant.

Several aspects of this architecture make it attractive for implementa-
tion in bipolar technology. First, G,;1 and G2 can be realized as simple
differential pairs that are multiplexed by means of a third differential pair,
yielding a fast sample-to-hold transition and low aperture jitter. Second, if
Gm1 and G2 are identical, the charge injected onto the input node of R by
G at the end of the sampling mode is absorbed by G2, thus giving a small
pedestal error. Third, the G,, and R stages can be implemented as low-gain,
high-speed circuits because G, R and G2 R need only be unity. This is
particularly important if the process provides no vertical pnp transistors and
hence prohibits the use of high-gain stages.

While achieving high speed, the architecture of Figure 3.5 presents sev-
eral difficulties if employed for high-resolution applications. Since the ac-
quisition time constant and the droop rate trade off according to the deviation
of A from unity, G,n1, G2, and R often require correction techniques to re-
duce that deviation [9] and approach the desired combination of acquisition
speed and droop rate. Note that since this correction should remain effec-
tive for the entire input range, the nonlinearity (i.e., variations in the gain)
of the circuit must be as low as the gain error. These correction techniques,
however, normally consume a substantial portion of the headroom, limiting
the input voltage swing and the dynamic range. For example, G,»1 R can be
implemented as shown in Figure 3.6 [9], where resistive degeneration in the
emitters and diode compensation in the collectors of Q; and Q3 are utilized to
achieve a gain close to unity (Chapter 7). Considering the voltage drop across
emitter and collector resistors and the headroom required for the clocked
tail current source, we note that the input range hardly exceeds 1 V with Ve =
5V.
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Fig. 3.6 Linearized amplifier used in open-loop SHAs.

Another input-multiplexed SHA architecture is shown in Figure 3.7 [10}].
This topology consists of transconductance amplifiers G and G2 multi-
plexed by CK and CK, transresistance amplifier R, and sampling devices
Si. S5, Cy, and Cy. In the sampling mode, G,,; is enabled, G2 is disabled,
and S; and S, are on. Thus, the circuit is configured as shown in Figure 3.8(a),
Gm1 R operates as a high-gain op amp, and the closed-loop gain is equal to
1+ R3/R,. In other words, V,,, = (1 + R2/R}1) Vi,

R,
A
A Wy
1
u—W +\ +=
Gm> R — Vout
V, o—l-+ -+
in
Ci1=
CK XI S
4+ o—Is
Gm2

C

‘cT<2I

Fig. 3.7 Dual-loop multiplexed-input architecture.
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Fig.3.8 Equivalent circuits of dual-loop multiplexed-input architecture. (a)
Acquisition mode; (b) hold mode.

In the transition to the hold mode, G is disabled, G is enabled, and
S) and S, turn off, yielding the hold configuration shown in Figure 3.8(b).
Here, Vy is close to zero and G2 R and C function as a unity-gain amplifier,
thereby maintaining an output voltage equal to that stored on C;.

The principal feature of this architecture is its input-independent pedestal
error. This is because S; and S, do not experience large voltage swings; i.e.,
they turn off with Vy and Vy close to the ground potential. Consequently, the
nonlinearity introduced by charge injection is quite small. Furthermore, if the
sampling capacitors and switches are identical and the impedance in series
with ) (i.e., the output impedance of G, R) is small, then the pedestals
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produced at the two inputs of G, are equal, yielding a zero pedestal at the
output.

It is instructive to compare the two multiplexed-input architectures de-
scribed in this section. While the topology shown in Figure 3.5 suffers from
trade-off between acquisition speed and droop rate—necessitating a Gp2 R
of precisely 1—the topology of Figure 3.7 has no such trade-off. Moreover,
since the latter employs closed-loop amplifiers, it can achieve smaller non-
linearity, but at the cost of a potentially slower time response. On the other
hand, both architectures have limited input range due to the stacked devices
required for multiplexing.

3.5 RECYCLING ARCHITECTURE

The recycling architecture is another topology in which the sampling switch
experiences small swings and hence introduces only a constant pedestal error.
Shown in Figure 3.9 in simplified form, this architecture consists of two unity-
gain buffers By and B, a transconductance amplifier G,,, and a sampling
circuit comprising $;-Ss and C;-C; [11]. In the sampling mode, 5;-S; are
on, S5 is off, and the circuit is configured as shown in Figure 3.10(a). In
this mode, G,, operates as a unity-gain amplifier, providing virtual ground
at nodes X and Y, and capacitors C; and C; track the input voltage. In the
transition to the hold mode, first S, turns off, at which instant the input voltage
is sampled on C; (and C3), and subsequently S;-S3 turn off and Ss turns on.
Now, the circuit is configured as shown in Figure 3.10(b), where C3, B,, Bj,
and C| form a unity-gain feedback loop around G,,, thus providing an output
voltage approximately equal to the voltage stored on Cj.

It is instructive to study the sources of charge injection in this archi-
tecture. Since S; turns off with virtual ground at X and Y, it introduces a
pedestal error independent of the input signal. The resulting offset is partially
balanced by the pedestal due to the charge injected by S; onto C3. Switch
S3, on the other hand, experiences swings equal to the input and injects an
input-dependent charge onto nodes X and Y; when it turns off. Since B,
provides a low impedance at X, the charge injected onto this node gives no
error. However, the charge injected onto ¥; changes the voltage stored on C».
Nonetheless, the negative feedback loop suppresses the effect of this change
at the output. This occurs because the pedestal across C, propagates through
B», By, and C and appears at the inverting input of G,, thereby causing the
output of G, to change in the opposite direction. As a result, the change in
Vou is equal to the pedestal voltage across C; divided by the voltage gain of
G, i.e., Gy Row, Where R, is the output resistance of G:
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Fig. 3.10 Equivalent circuits of recycling architecture. (a) Sampling mode;
(b) hold mode.

In summary, the recycling architecture achieves small pedestal error,
high linearity, and relatively high speed.
3.6 SWITCHED-CAPACITOR ARCHITECTURE

Evolved for use in A/D converters, the switched-capacitor architecture em-
ploys MOS switches extensively. Shown in Figure 3.11(a) in single-ended
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form, this architecture consists of input sampling capacitor Cy, transconduc-
tance amplifier G,,, and switches $;-S3 [12]. The circuit operates as follows.
In the acquisition mode, S; and S; are on, 3 is off, and G,, functions as
a unity-gain amplifier, creating virtual ground at node X [Figure 3.11(b)].
Thus, the voltage across Cy tracks the input voltage. In the transition to the
hold mode, first S, turns off, thereby sampling the instantaneous input volt-

the hold-mode configuration depicted in Figure 3.11(c), where Cy and Gp,
sustain an output voltage equal to the sampled input.

S

— o
o, (51 Cy
Vino— S b"'”‘"x oV V' x |Gm —o V.
1 out -[_ +
(a) (b)
Cy
'_
X —o Vout
©

Fig. 3.11 Switched-capacitor SHA. (a) Basic circuit; (b) equivalent circuit
in the acquisition mode; (c) equivalent circuit in the hold mode.

Since in this topology S, turns off first, the (input-dependent) charge
injected by Sy onto Cy does not appear in the held output voltage. Moreover,
as S, is connected to virtual ground, its channel charge does not depend on
the input signal. In a differential circuit, this charge would simply cause a
common-mode offset.

The simplicity of this architecture has made it quite popular in applica-
tions such as pipelined A/D converters, where a large number of SHAs are
required [12]. Since the dominant pole of the circuit is usually at the output,
an increase in the load capacitance does not degrade the phase margin but may
overcompensate the amplifier. Furthermore, a single-stage transconductance
amplifier can be used to achieve linearities up to 13 bits [13].

age on Cy, and subsequently S) turns off and S3 turns on. This results in’
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In the architecture of Figure 3.11(a), the input switch S; experiences
large voltage swings, introducing an input-dependent delay in the acquisition
mode and hence harmonic distortion in the sampled signal. Furthermore, as
the linearity and precision of the SHA strongly depend on the open-loop gain
(the product of transconductance and output resistance) of G, the perfor-
mance degrades if the circuit drives resistive loads, thereby limiting the use
of the architecture to on-chip applications.

3.7 CURRENT-MODE ARCHITECTURE

Current-mode signal processing has been proposed as an alternative to the
more conventional voltage-mode technique. Current-mode data conversion
systems require current-input, current-output sampling circuits. However,
even in this case the signal is stored as a voltage rather than a current because
capacitors are far easier to fabricate than are inductors. Thus, in these ar-
chitectures, first the input current must be converted to voltage so that it can
be stored, and then the stored voltage must subsequently be converted to an
output current. )

The closed-loop architecture described in Section 3.2 can be easily mod-
ified to operate in the current mode, as shown in Figure 3.12. A variant of
this architecture has been used in a current-mode A/D converter [14). In this
circuit, the inverting input of G is grounded, the input current is summed
with the ontput current of G at node X, the signal is stored on Cg, and
the output current is produced by Gmz. The closed-loop architecture is a
natural choice for current-mode signals because, in the acquisition mode, it
provides a virtual-ground summing node (X) as well as an internal current-
to-voltage converter (consisting of Ag and Cj). Note that G is outside
the global feedback loop and its distortion is directly added to the stored
signal.

Fig. 3.12 Current-mode SHA derived from conventional closed-loop archi-
tecture.
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The architecture of Figure 3.12 is topologically identical with the con-
ventional closed-loop architecture and hence exhibits the same time response
for both current-mode inputs and voltage-mode inputs. Consequently, the
current-mode architecture faces the same stability issues as the voltage-mode
architecture.
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4

Basic Principles
of Digital-to-Analog
Conversion

Digital-to-analog conversion is an essential function in data processing sys-

‘ tems. As mentioned in Chapter 1, D/A converters (DACs) interface the digital

output of signal processors with the analog world. Moreover, as explained in
Chapter 6, multistep analog-to-digital converters employ interstage DACs to
reconstruct analog estimates of the input signal. Each of these applications
imposes certain speed, precision, and power dissipation requirements on the
DAC, mandating a good understanding of various D/A conversion techniques
and their trade-offs.

In this chapter, we study the basic concepts and operations related to D/A
conversion. Following a definition of performance metrics, we describe D/A
conversion in terms of voltage, current, and charge division or multiplication
and illustrate the merits and limitations of each approach. Finally, we discuss
the switching functions needed to generate an analog output corresponding
to a digital input.

4.1 GENERAL CONSIDERATIONS

A digital-to-analog converter produces an analog output A that is proportional
to the digital input D:
A=aD, , @.1

45
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where « is a proportionality factor. Since D is a dimensionless quantity,
sets both the dimension and the full-scale range of A. For example, if « is
current quantity, Izgr, then the output can be expressed as

A = IyeeD. 42)

In some cases, it is more practical to normalize D with respect to its full-scale
value, 2™, where m is the resolution. For example, if « is a voltage quantity,

VRer,

N A=YV, b 4.3)
= VREF 5 .

~ From (4.2) and (4.3), we can see that in a D/A converter, each code at the
digital input generates a certain multiple or fraction of a reference at the
analog output. In other words, D/A conversion can be viewed as a reference
multiplication or division function, where the reference may be one of the three
electrical quantities: voltage, current, or charge. The accuracy of this function
determines the linearity of the DAC, while the speed at which each multiple or
fraction of the reference can be selected and established at the output gives the
conversion rate of the DAC. Figure 4.1 shows the input/output characteristic

of an ideal 3-bit D/A converter. The analog levels generated at the output

follow a straight line passed through the origin and the full-scale point. wedh
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Fig. 4.1 Input/output characteristic of an ideal 3-bit D/A converter.

We should mention that in some applications such as “companding”
DACS, the desired relationship between D and A is nonlinear {1], but in this
book we discuss only “linear” or “uniform” DAGCs, i.e., those that ideally
behave according to (4.2) or (4.3).
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The digital input to 2 DAC can assume any predefined format but must
eventually be of a form easily convertible to analog. Shown in Figure 4.2 are
three formats often used in DACs: binary, thermometer, and 1-of-n codes.
The latter two are shown in column form to make their visualization eas-
ier.

Decimal 0 1 2 3

o
o
o
-
-
o

Binary 11

Thermometer

1-of-n

0000 |00 0

~“~000 |-000
O=00 |==00
OO |mmaD

Fig. 4.2 Binary, thermometer, and 1-of-n codes.

In the binary format, an m-bit number Dy;—1 Dp-2 ... Do represents a

" decimal value of Dypy—12™~! + Dpe22™ 2 + -« + Dy2°.

In the thermometer code, a number is represented by a column of j
consecutive ONEs at the bottom and k consecutive ZEROs on top such that
j +k is a constant. For example, as shown in Figure 4.2, the decimal number
3 can be represented as three ONEs and one ZERO. This code can be viewed
as a thermometer that is “filled” up to the topmost ONE in the column, and
hence the name. We will also use the term “height” to refer to the number of
ONE:s in this code.

In the 1-of-n code, each number is represented as a single entry of ONE
in a column of ZEROs, with the position of that entry showing the. actual
value. In Figure 4.2, for example, the decimal number 3 is depicted as a ONE
in the third position from the bottom. :

As seen from Figure 4.2, the thermometer and 1-of-n codes are much
less compact than binary. Nonetheless, as discussed later, these codes are
essential in D/A and A/D converter design.

4.2 PERFORMANCE METRICS

In this section, we define a number of terms usually used to characterize D/A
converters. For a more complete set, the reader is referred to the literature

¥ 95 933 RER 21 DA & R
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¢ Integral nonlinearity (INL) is the maximum deviation of the input/out-

put characteristic from a straight line passed through its end points. i
The difference between the ideal and actual characteristics will be

[2, 3] and manufacturers’ data books. Figures 4.3 and 4.4 illustrate some of
these metrics.

e Differential nonlinearity (DNL) is the maximum deviation in the out-

- R . called the INL profile.
put step size from the ideal value of one least significant bit (LSB). o Offset is the vertical intercept of the straight line passed through the
end points. . .
1\ ® QGain error is the deviation of the slope of the line passed through the
I(‘\):a::)ougt end points from its ideal value (usually unity).

e Settling time is the time required for the output to experience full-
scale transition and settle within a specified error band around its
final value.

e Glitch impulse area is the maximum area under any extraneous glitch

that appears at the output after the input code changes. This parameter

is also called “glitch energy” in the literature even though it does not
have an energy dimension.

e Latency is the total delay from the time the digital input changes to
the time the analog output has settled within a specified error band
around its final value. Latency may include multiples of the clock
petiod if the digital logic in the DAC is pipelined.

e Signal-to-(noise + distortion) ratio (SNDR) is the ratio of the signal
power to the total noise and harmonic distortion at the output when
the input is a (digital) sinusoid.

it tdaadd

Offset -

4 , Digital
Input

ot aiiten gt et A ANBEAA R

Among these parameters, DNL and INL are usually determined by the ¥
accuracy of reference multiplication or division, settling time and delay are
functions of output loading and switching speed, and glitch impulse depends
on the D/A converter architecture and design.

Note that some of these parameters may be more important in some
applications than in others. For example, many stand-alone DACs require low
glitch area but may tolerate long latency. On the other hand, DACs utilized in
A/D converters usually require a short latency but may have a relatively large
glitch area.

Fig. 4.3 Static parameters of D/A converters.

Clock -l I I I I l j |

Equivalent

Blgital ——_J___.__L__
put  __J , Glitch

impulse

Area
Analog

Output

4.3 REFERENCE MULTIPLICATION AND DIVISION

The linearity and SNDR of D/A converters strongly depend on the accu-
racy of the reference multiplication or division employed to generate the
output levels. The three electrical quantities, voltage, current, and charge,

Settling
Time

Fig, 4.4 Dynamic parameters of D/A converters.




-
i
t

50 Basic Principles of Digital-to-Analog Conversion Chap. 4

can be multiplied or subdivided using resistor ladders, current-steering cir-
cuits, and switched-capacitor circuits, respectively. In this section, we de-
scribe each of these techniques and the errors that arise in typical implemen-
tations.

4.3.1 Voltage Division

A given reference voltage Vier can be divided into N equal segments
using a ladder composed of N identical resistors Ry = Ry = .- = Ry (N is
typically a power of 2) (Figure 4.5). An m-bit DAC requires a ladder with 2™
resistors, manifesting the exponential growth of the number of resistors as a
function of resolution.

VREF

Ry

VN—1
HN—“

. R1=Hz =--= Ry
—V,

R,z
—

R, =

Fig. 4.5 Voltage division using a resistor ladder.

An important aspect of resistor ladders is the differential and integral
nonlinearity they introduce when used in D/A converters. These errors result
from mismatches in the resistors comprising the ladder. '

In order to understand how resistor mismatch affects the DNL and INL

of a resistor-ladder DAC, we first consider a simple case where the ladder

exhibits a linear gradient, i.e., a linear variation in doping or width from one
end to the other. This situation is shown in Figure 4.6. The voltage at the jth
tap of this ladder is
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Vaer R

R+(N-1)AR \
Vo
- V3 TAY
R+2ARZE
— V2
R+ AR P
; v, ~ A
R
Fig¥4.6 Linear gradient in a resistor
ladder. H

j-1

Y (R+kAR) _

k=

Vi = o Vier (4.4)
Y (R+kAR)
k=0
i(j—1
jr+ 14D > ) AR
= VREE- “.5)
NN -1 REF
NR + ——(2—) AR

The INL profile is given by the difference between (4.5) and thé;_".ideal tap
voltage, j Vrer/N: "

j jR+————’(’2"1) AR

INLj = = Vigr — Vrer. 4.6)

NN -
N Ne+ XYV =D g |
2
Simplifying (4.6) yields e
INL — Gw—p) AR .
j= N1 DA G
R4+ ———— AR

2
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Assuming R > (N — 1)AR/2, we note that / N ; reaches a maximum of
NVyer(AR/8R) at j = N /2. 1,_g@ = VREF, )\/L_ '

For the linear gradient depicted in Figure 4.6, the DNL is obtained by
finding the deviation of V4 = V; from the ideal value of 1 LSB (=Vger/N):

DNL; = Vj41 =V} — E‘f 4.8)
which can be simplified to
. N~1_AR Vggr
PNy~ U= =30 W .
if we assume R > (N — 1) AR/2. For large N, the magnitude of this error
reaches a maximum of approximately Vrer(AR/2R) at j=1landj = N-1.
Note that if the maximum INL and DNL found above are to remain b‘elow
1 LSB, then the assumptions made in arriving at (4.7) and (4.9) are justified.
It is interesting to note that the nonlinearities described ab.ove are caused
by perfectly linear resistors. This of course doc?s not contradict any laws of
linear systems because the switching operations in D/A converters make them
inherently nonlinear systems. o ‘
While the case of linear gradients is simple and intuitive, in r.cahty
resistors also exhibit random mismatch. This type of mismatch. originates
primarily from uncertainties in geometry definition during processing, as w.ell
as random variations in contact resistance. Consider two resistors laid out fmth
identical geometry and dimensions. In the ideal case, the value of each resistor
can be expressed as oL

W +2Rc

where p is the resistivity, L, W, and ¢ are the length, .w'idth, anc.i _thxckness
of the resistors, respectively, and Rc represents the additional r'es1stance due
to each contact. In reality, these resistors suffer from several mlsmat.ch com-
ponents: resistivity mismatch, Ap, width, length, and tl.lickness mismatch,
AW, AL, and At, respectively, and contact resistance nusx?xfuch, AR?-.' In'a
typical process, AW and AL result from limite§ edge deﬁx}mon cap.abxhty in
lithography and etching or deposition of the resistor mat;n_alt At arises frqm
gradients across the die, and ARc is caused by random variations in the finite
resistance at the interface of the resistor and the interconnect (usually meta'l).
Taking the total differential of (4.10), we can express the overall mis-
match between the two resistors as
pAL pL At
Wt Wt W2t Wi? '
This value can be normalized to the mean value of the resistors, R ' to yield
the relative mismatch. Since in (4.10) 2R¢ is usually a small fraction of R,

4.9)

+2ARc. 4.11)
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the first four terms in (4.11) can be simplified by substituting oL/ Wt for R:
AR Ap AL AW At +2ARC
R p L Wt R’

Since contact resistance decreases as the resistor width increases, we can

(4.12)

suggesting that (4.12) can be written as :
AR Ap AL AW At ’ tAr

R P L w ! + pL’

In a typical process, p and ¢ are given, leaving L, W, and R as the only
variables under the designer’s control. To minimize the overall mismatch,
each of these parameters must be maximized. Of course, larger dimiensions
lead to higher parasitic capacitance between the resistor and the substrate, as
wel] as larger chip area. Some properties of commonly available monolithic
resistors are given in [4].

To analyze the nonlinearity resulting from random resistor mismatch,
we must (1) assume a probability density function (PDF) for the value of
each resistor, (2) calculate the resulting PDF for the tap voltages along the
ladder, and (3) examine the mean and standard deviation of these voltages

(4.13)

_ in terms of those of the resistors. Since random mismatch arises from a

large number of random variables (corresponding to many uncorrelated events
during fabrication), it is plausible to assume a Gaussian PDF for the resistor
values. Using such an analysis, Kuboki et al. [S] have shown that the tap
voltages of a resistor ladder follow a nearly Gaussian distribution, with a
mean equal to j Vygr/N and a standard deviation equal to

J Jj. AR
AV = ‘[ﬁ(l - —]\7) —R“VREF,

This error reaches a maximum of

4.14)

1 AR v

AV R REF
at j = N /2. We should emphasize that this value is a standard deviation and
hence a likelihood measure rather than a deterministic number. In other words,
it implies that on the average, 68% of N-segment resistor ladders exhibit an
error less than or equal to (Vrer/+/4N)(AR/R) at their midpoints. Figure 4.7
depicts an INL profile obtained by choosing each resistor of a 128-segment
ladder from a Gaussian distribution with R = 100 Q2 and AR = 5 Q. We

note that in this profile the maximum error does not occur at the midpoint and
is actually greater than that predicted by (4.15).

INL ox = (4.15)

TR

write Rc = r/ W, where r is a proportionality factor. Thus, AR¢c &~ Ar/ w,

(S0=

!

NL prax

7 -bit

Vrer
28
= Vet

452
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Fig.4.7 INL profile of aladder comprising segments chosen from a Gaussian
distribution.

Despite the counterexample of Figure 4.7, equation (4.15) does indicate
a trend: so long as AR/ R remains constant, the maximum error decreases if
N increases. Thus, ladders with a large number of segments are more likely to
achieve a small (absolute) nonlinearity than are ladders with a small number
of segments. Intuitively, this is because random errors in the value of resistors
tend to average out when many segments are connected in series.

In addition to random mismatch, ladders made of diffused resistors ex-
hibit a distinct nonlinear gradient. The thickness of the depletion layer under
these resistors is voltage-dependent and varies from one end of the ladder to
the other, thereby introducing a variation in the value of the resistor-segments.
The resulting nonlinearity can be calculated by expressing the thickness of
the resistors as a square root function of the local voltage along the ladder.
Note that as the diffused resistor doping increases, this nonlinearity decreases,
whereas the depletion layer capacitance—which appears all along the ladder
to the substrate—increases. This trade-off makes diffused-resistor ladders
less attractive than poly-resistor ladders in applications where the ladder ex-
periences transients and must recover quickly. '

An important aspect of resistor ladder design is the Thevenin resistance
seen at each tap along the ladder. This resistance determines how fast ca-
pacitive loads charge or discharge to each tap’s final voltage, contributing to

— [CSS—— . -
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the settling time of the DAC. For an N-segment ladder, the Thevenin resis-
tance reaches a maximum of N R/4 at the midpoint. This resistance grows
exponentially with the number of bits but can be reduced at the cost of higher
power dissipation. .

Several variants of the resistor ladder shown in Figure 4.5 have been
used for D/A conversion. We will describe these in Chapter 5.

2

4.3.2 Current Division

A reference current Ipge can be divided into N equal currents using N
identical transistors connected as shown in Figure 4.8(a). (The same principle
applies to both bipolar and MOS devices.) These currents can be combined
80 as to provide binary weighting, as depicted in Figure 4.8(b) for a 3-bit
example. In this simple implementation, an m-bit DAC requires 2 — 1
tr_an'sistors, resulting in a large number of devices for m > 7.

I I In
N VB e o o

(a)=
AR RN
(b)=

Fig. 4.8 (a) Uniform current division; (b) binary current division.

While conceptually simple, the implementation of Figure 4.8(&) has two
drawbaqks: the stack of current dividing transistors on top of Izgr limits the

SN XED @ BRI I LR 2
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output voltage range, and Irgr must be N times each of the output currents;
i.e., Irer requires a very large device itself. .

These problems can be solved by current replication (rather than divi-
sion) as shown in Figure 4.9(a), where N current mirrors generate N 'output
currents equal to Izer. In practice, to improve matching and'lineant)f, de:
generation resistors are placed in series with the emitters, yielding the circuit
shown in Figure 4.9(b). This will be discussed later.

IREF j‘ I § 17 ‘%'N .
()

’REF i I4 i I i’N
® :

Fig. 4.9 (a) Simple current replication; (b) current replication incorporating
emitter degeneration.

As Figures 4.8(a) and (b) may suggest, current-steering arrays can be
implemented in two different ways, using equal or binary-weighted current
sources. Figure 4.10 depicts these two cases in a more general form. In
the circuit of Figure 4.10(a), all current sources are equal and controlled by
a thermometer code so that when the digital input increases by 1 LSB: one
additional current source is switched to the output. In the circuit of F}gm'e
4.10(b), the current sources are binary-weighted and controlled by a’bmary
code so that each current source contributes to the output a current twice that
of the next less significant bit. The configurations of Figures 4.10(2) and (b)
are called “segmented” and “binary” arrays, respectively. .

Animportant feature of segmented arrays is their guarant?gd rqonotomc-
ity: since increments at the digital input simply cause an additive increment
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Tout

-
o
-

at the analog output, the transfer characteristic of such arrays is a monotonic
function of the input, even if the maximum INL exceeds 1 LSB. In binary
arrays, on the other hand, when the MSB current source [e.g., I; in Figure
4.10(b)] turns on and all the current'sources corresponding to lower bits turn
off, the output may change by more than 1 LSB. As aresult, in high-resolution
applications such as strain gauge sensors, where the nonlinearity of the trans-
ducer itself is large and hence the converter linearity is not critical, segmented
arrays are more attractive because their resolution (differential linearity) is
relatively independent of their integral linearity.

The overall output current of a current-steering array can be converted
to voltage using a resistor or a transimpedance amplifier, as shown in Figure

F@h=1i@h=1 @iIy=1 \
e
° ) °
D1 Dz o e e DN
Thermometer Code
(@ .
4
3
v Tout E
t
1 i
0o | 1 § k-1 :
@ =21 i@ =21 i@ e=2 1 :
- - - i
° ) °
D1 DZ ) Dk
Binary Code
(®)
Fig. 410 (a) Segmented current-steering array; (b) binary current-steering
array.
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4.11. In Figure 4.11(a), a single resistor R; converts the current to voltage.
This resistor can be a 50-Q off-chip load if the DAC is to drive external
circuits. In this case, the full-scale output current must be sufficiently large
to produce reasonable voltage swings across Ry. Note that the output settling
speed is limited by the total parasitic capacitance Cp at node X because this
node experiences the entire output voltage swing.

Transimpedance
) Amplifier

Ry

R A'l'l' E

1 i

RN S F VS /0P § SO =
{ X H X Ay —io Vout

p -+ P ;

Y lowt - Y lout H :

Current-Steering Current-Steering
Array Array
(a) )

Fig. 4.11 Conversion of output current of an array to voltage using () a
resistor and (b) a transimpedance amplifier.

In Figure 4.11(b), resistor R, is placed in a feedback loop around op amp
Ay to establish a virtual ground at node X. As a result, voltage variations at
X are quite small and the output settling is determined by the op amp’s speed.
As discussed in Chapter 7, various trade-offs among speed, linearity, output
voltage swing, and driving capability of op amps often restrict the dynamic
range and settling speed of this topology. Consequently, the approach in
Figure 4.11(a) is more common in high-speed applications.

Digital-to-analog converters that employ current-steering arrays suffer
from three sources of nonlinearity: current source mismatch, finite output
impedance of current sources (or the nonlinearity of the following transimped-
ance amplifier), and voltage dependence of the load resistor that converts the
output current to voltage.

Current Source Mismatch.  The current sources in an array may ex-
hibit mismatches due to gradients or randam variations. The effect of gradi-
ents can be studied in the same fashion as for resistor ladders (Section 4.3.1).
Hence, we consider only random mismatches here.

Consider two nominally identical current sources implemented as shown
in Figure 4.12. The output currents /; and J; exhibit mismatch components

™
.
2}

Sec. 4.3 Reference Multiplication and Division 59

due to mismatch between current gains and reverse saturation currents of Q,
and @ as well as mismatch between Rg; and Rg». It can be shown [6] that
the relative mismatch between I; and I is

él ~ 1 ﬁl_s gmRg Aa ARg

T 7 ERe Is ataRe @ R M9

p 13

where Alg and A« are the standard deviations of the reverse saturation cur-
rent and common-base current gain of Q, and Q,, respectively, A Rg is the
standard deviation of Rg) and Rg», and the same quantities without A rep-

resent the mean values. The transconductance of Q and Q3, gm =~ I /Vr,
where Vr = kT /q.

-Fig. 412 Nominally identical bipolar
current sources.

It is instructive to consider two extreme cases: (1) Rgy, Rgz < 1/gm
and (2) Rgy, Rz > 1/gm. In the first case,

Al Alg

7 Ts | 4.17)
i'?” the current mismatch is determined by transistor geometry matching.
Since I is proportional to the emitter area of Q) and Q,, its relative mismatch

decreases as larger devices are used. For small transistors, this mismatch is
on the order of 5 to 10%.

In the second case,

Al 1 AIs  Ax_ ARg

+ — e e
! egmRe Is ( o Re ) “.18)
L Ba_ AR
" Re (4.19)

i.e., current mismatch results from mismatch between current gains of 0 and
Q> and between values of Rg and Rgs.
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Since the common-emitter current gain, B, is used more commonly than
o, we note that = B8/(8 + 1) and

AB

Aa = —t . 4.20
o G+1? (4.20)
For>» 1,0 =~ 1 and
ba JBB1 4.21)
o B B

suggesting that relative mismatch in & is equal to relative mismatch in g
divided by B. For a typical AB/B of 10% and g = 100, Aa/a = 0.1%. As
the second term in (4.19) is also on the order of 0.1%, we see that the output
current mismatch in the second case is only a few tenths of percent, i.e., more
than an order of magnitude lower than that in the first case.

It is important to note that in small-geometry transistors the emitter
ohmic resistance (including contact and intrinsic components) is quite large
and varies considerably from one device to another. This variation introduces
significant mismatch between the output currents in the first case, whereas
it adds to ARg—and hence is suppressed by a factor of Rg—in the second
case.

While increasing the size of the transistors reduces the error in (4.17), it
also results in substantial collector-substrate and collector-base capacitance,
thereby slowing down the switching.

( BT T) For the above reasons, the second case is usually preferred. Another

advantage of using emitter degeneration is higher output impedance, which
reduces the integral nonlinearity as discussed later.

In CMOS technology, current sources are implemented using MOS tran-
sistors [Figure 4.13(a)]. Assume M; and M, are nominally identical and have
square-law I-V characteristics:

Ip = 2 uCors (Vs = Ve, (4.22)
2 L

where . is the carrier mobility in the channel, Co, is the gate oxide capacitance

per unit area, W and L are the device effective width and length, respectively,

Vs is the gate-source voltage, and Viy is the threshold voltage. We can find

the relative output current mismatch by taking the total differential of (4.22)

and dividing the result by Ip:

AID — A(Mcox)
Ip ~  pCu w L

AW AL 2AVm

_2AVm (4.23)
Vos — Vm
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Fig. 4.13 Nominally identical MOS current sources.

Since uCoy and Vyy are constant for a given process, W, L, and Vg are
the only parameters under the designer’s control, and they can be increased to
lower Alp/Ip. However, larger W leads to higher drain-substrate and gate-
drain capacitance and larger area, larger L requires higher Vgs — Viy to attain
a given Ip, and increasing Vgs — Vry limits the voltage swing at the drain
of My and M,. As a consequence, some compromise is usually necessary
to obtain a reasonable combination of accuracy, speed, and output voltage
swing. Also, note that as W and L increase, both A(C,,) and AVyy tend

. to average out over the gate area of the transistors and hence become smaller

[71.

: (MOS ) For short-channel MOSFETSs (L < 2 um), the I-V characteristics deviate

from the square law because of velocity saturation, mobility degradation due
to vertical field, and threshold voltage variation with drain-source voltage.
As an extreme case, let us assume very short channels and heavy velocity
saturation. Then,

Ip = WCou(Vos — Vi) Vears 4.24)

where v, is the saturation velocity of carriers [8]. Thus,

AID _ A(Coxvsa() AW AVTH
I D Coxvsat w Vos — VTH '

(4.25)

indicating the same trends as (4.23) except that the mismatch is independent
of L.

For MOS current sources, it is possible to use source degeneration re-
sistors as shown in Figure 4.13(b) [9]. However, this improves the matching
significantly only if the value of these resistors is comparable with the inverse
of the transconductance of the MOSFETs. To understand why, note that in
Figure 4.13(b) we can write

e ey
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2Ip
IoRs+ | —22— 4 Vg = Vo,
pRs+yZewr TImT e

where all quantities are mean values. Taking the total differential of both sides
and substituting gm = /2 Cox = 2Ip/(Vgs — Vru), we have

A(uCo) AW AL '
(UCox) _8L_ _fofm o ARsl. 427)

(4.26)

Ip = 1+ gmRs

-

UCox w L Vos — Vm

The first four terms in the square brackets are the same as those in (4.23),
but their effect is divided by 1 + g Rs. The last term represents additional
mismatch contributed by Rg; and Rs; themselves. This equation indicates
that source degeneration is effective only if g R is comparable with (and
preferably much greater than) unity. Since for given Vg and Ip, the value of
R;s cannot exceed (Vg — Vm)/Ip, alarge g Rs means a high g, which in
turn demands wide transistors.

The effect of current source mismatch on integral linearity can be ana-
lyzed in the same manner as in the case of resistor ladders (Section 4.3.1). The
important result is that as the number of current sources in the array increases,
the relative nonlinearity decreases because random errors tend to average out.

Finite Output Impedance of Current Sources. If the output current-
summing node of a current-steering array experiences large voltage excursions
fe.g., Figure 4.11(a)], then another type of integral nonlinearity arises from
the finite output impedance of the current sources. Intuitively we note that,
as the output varies between zero and full-scale, different impedances are
switched to the output node, thereby introducing variations in the equivalent
load resistance and hence nonlinearity in the output voltage. As an example,
we calculate this nonlinearity for a segmented array.

Consider the small-signal equivalent circuit shown in Figure 4.14, where
ro represents the output impedance of each current source. For a thermometer
code of height j, the output voltage is

. ro
Vou = —JI(Rxll-j—)- 4.28)
The dependence of the term in parentheses introduces integral nonlinearity.
To obtain the INL profile, we pass a straight line through the end points of
(4.28) (given by j = O and j = N) and find the difference between (4.28)
and that line. Assuming ro >> N Ry, the reader can easily show that
N fe .
VTR < e 2
<

IR
INL; ~ 70—'j(N - (4.29)
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which l_las a maximum of I RfN?/4rp. Since the full-scale output voltage is
approximately equal to N7 R}, the maximum relative nonlinearity is equal to
NR/4ro. As this value must be very small, the assumption made in arriving

at (4.29) is valid.
% R 1
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Fig,4.14 Current-steering array including output impedance of each current
source.

.Load Resistor Nonlinearity.  Another type of nonlinearity in current-
steering arrays stems from voltage dependence of the load resistor [R; in
Figures 4.11(a) and (b)]. Polysilicon resistors exhibit a hyperbolic sine I-V
characteristic that becomes more linear as the length of the resistor increases
[10.]. In diffused resistors, on the other hand, nonlinearity originates from the
variation of the width of the underlying depletion region and is primarily a
function of doping levels. )

_ For linearities above 10 bits, these effects and their temperature depen-
dence must be accurately measured and characterized for each process.

4.3.3 Charge Division

' A reference charge, Qggr, can be divided into N equal packets using
N identical capacitors configured as in Figure 4.15. In this circuit, before )
turns on, C; has a charge equal to Qggr, While Cs, ..., Cy have zero charge.
When ) turns on, Qger is distributed equally among C), ..., Cy, yielding
a.charge of Qrer/N on each. Further subdivision can be accomplished by
disconnecting one of the capacitors from the array and redistributing its charge
among some other capacitors.
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Qger == € lcz < v "l'CN
I I

Fig. 4.15 Simple charge division.

While the circuit of Figure 4.15 can operate as a D/A converter if a
separate array is employed for each bit of the digital input, the resulting
complexity prohibits its use for resolutions above 6 bits. A modified version of
this circuit is shown in Figure 4.16(a). Here, identical capacitors Cy = -+ - =
Cy = C share the same top plate, and their bottom plates can be switched from
ground to a reference voltage, Vgzr, according to the input thermometer code.
In other words, each capacitor can inject a charge equal toC Vigr onto the
output node, thereby producing an output voltage proportional to the height
of the thermometer code. The circuit operates as follows. First, Sp is on and
the bottom plates of Cj, ..., Cy are grounded, discharging the array to zero
[Figure 4.16(b)]. Next, Sp turns off, and a thermometer code with height j
is applied at Dy, ..., Dy, thus connecting the bottom plate of Cy,...,Cjto
Vier and generating an output equal to j Vger/N [Figure 4.16(c)).

The circuit of Figure 4.16 is, in the strict sense, a voltage divider rather
than a charge divider. In fact, the expression relating its output voltage to
Virer and the value of the capacitors is quite similar to that of resistor ladders.
Nonetheless, in considering nonlinearity and loading effects it is helpful to
remember that the circuit’s operation is based on charge injection and redis-
tribution.

As with current-steering DACs, capacitor arrays can be configured in
either segmented or binary form. The example considered in Figure 4.16
is a segmented array, with the important property of having a monotonic
input/output characteristic. Shown in Figure 4.17 is a binary version, where
the digital input assumes a binary format and unit capacitors are grouped so
as to provide binary weighting. The operation is similar to that of Figure
4.16.

Nonlinearity of capacitor DACs arises from three sources: capacitor
mismatch, capacitor nonlinearity, and the nonlinearity of the junction capac-
itance of any switches connected to the output node.

Capacitor Mismatch. Mismatch in an array of capacitors arises from
both gradients and random variations. The effect of gradients can be formu-
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Fig, 4.16 (‘f) Modified charge division configuration; (b) circuit of (a) in
discharge mode; (c) circuit of (a) in evaluate mode.

lated in the. same manner as in the case of resistor ladders (Section 4.3.1).
Thus, we discuss only random variations here.

cons1der two nominally identical monolithic capacitors. Due to di-
mension and oxide thickness mismatch, these capacitors exhibit a relative
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f}_(_:. = ﬂ —_—— (4.30)
C w L tox

where AW/W, AL/L, and At /1, are relative mismatches in the width,
length, and oxide thickness, respectively. This expression indicates that in-
creasing W, L, or t,, improves the matching. In practice, f, is a constant
of the process, leaving W and L as the only variables. However, increasing
W and L does not reduce AC/C indefinitely because t,, gradients become
more significant at large dimensions and raise the third term in (4.30). As
a consequence, AC/C reaches a minimum at certain optimum dimensions
[12]. Although process-dependent, these dimensions are usually in the range
of 20 to 30 um. To improve the matching between large capacitors, common-
centroid geometries can be used {11].

The effect of random capacitor mismatch on the overall linearity can be
analyzed in a fashion similar to that for resistor ladders in Section 4.3.1. We
note that the integral linearity improves as the number of capacitors in the
array increases because random errors tend to average out.

Capacitor Voltage Dependence.  Another source of nonlinearity in
capacitor DACs is capacitor voltage dependence [11]. Figure 4.18 shows the
structure of a typical monolithic capacitor consisting of two (doped) polysil-
icon plates separated by a dielectric (usually silicon dioxide). The voltage
dependence originates from the variation of both the dielectric constant, e,

[ N
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and the thickness of the depletion region within each plate [11, 13]. Since the
actual expressions for this dependence are often quite complex, it is common
practice to model the nonlinearity with a polynomial (i.e., Taylor expansion)
such as

C = Co+ Coa;V + Coaa V2 + ..., (4.31)

where a; is the jth-order voltage coefficient of the capacitor. It is important
to note that the representation in (4.31) does not mean that the total charge
on a nonlinear capacitor is equal to the product of its voltage and the value of
the capacitor at that voltage. Rather, (4.31) simply shows that if the capacitor
has a voltage V, then an increment of voltage, dV, requires an increment of
charge, dq, given by ‘

dg=Col+aV+mVi+-.)dv. (432

Consequently, the total charge needed to change the voltage of a capacitor
from Vi to Vy is

V;
AQ=C0/ "A+aiV+ogV2+-.)dv. 4.33)
Vi

Polysilicon_—
Plates \

————Depletion
Regions

Fig.4.18 Typical monolithic capacitor structure.

For most applications, the first three terms in (4.31) represent the ca-
pacitor nonlinearity with reasonable accuracy. In single-ended circuits, «; is
usually the dominant factor, whereas in-differential configurations the effect
of a is significant because the even-order nonlinearity components resulting
from «; are suppressed.

As an example of computing INL due to capacitor nonlinearity, we ana-
lyze the effect of &y on a segmented capacitor array. For an input thermometer
code of height j, the equivalent circuit of Figure 4.19 can be constructed. Here,
the charge on C; must equal that on C5, and as the output goes from zero to
its final value, the voltage across C; changes from zero to Vigp — V,,: and that
across C, from zero to V.. It follows from (4.33) that

= Vout

Vout VREF
/(; (N - j)Co(l +ayV)dV =/(; JCo(1 + a1 V)dV. (4.34)
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Fig. 4.19 Equivalent circuit of a segmented capacitor atray with an input
thermometer code of height j.

Carrying out the integration and solvihg for j Vier/N (the ideal input/output
characteristic), we have

_ dlvoul +2
2 4 oy Vger — 201 Vo + 204 Vozut/ Vrer

For typical values of o; < 100 ppm/V and Vggr and V,,, < 5V, the last three
terms in the denominator of (4.35) are much less than 2 and hence

%Vm Vow  (4.35)

i V., 2v2
3 Vagr % Vo = 3‘—‘-2-°—'<Vm =3Vt 5. (4.36)
This equation can be rewritten as
j oV, 2v2
Vow %vm + =2 (Vo — 3Veu + . (4.37)

The second term vanishes at V,,, = 0 and V,,, = Vyer, and it represents the
nonlinearity in the transfer characteristic. This term reaches a maximum of

3
INLipay = %alvgﬁ (4.38)
at Vou = (3 £ v/3) Vier /6.
The above analysis can be repeated for binary arrays in a similar fashion
[14).

Switch Junction Capacitance Nonlinearity. - The third source of INL
in capacitor DACs is the nonlinearity of the junction capacitance of the
switch(es) connected to the output node (e.g., Sp in Figures 4.16 and 4.17).
The variation of source or drain junction capacitance of MOSFETSs can be
expressed as c

0

Cjune = W,

(4.39)
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where Cy is the zero-bias capacitance, V; is the voltage across the junction, ¢
is the built-in potential, and m; is typically between 0.3 and 0.5. For analysis
purposes, we can approximate (4,39) with an empirical polynomial such as

v v
Ciuc =~ co[o.lmj(é)z - 0.63mj(-<—é-) +1]. (4.40)

This relation can be used to estimate the nonlinearity for a given voltage swinig
at the output. The analysis is similar to that performed above.

In capacitor DACs, the top plate parasitic capacitance of the array in-
troduces gain error. As shown in Figure 4.20(a), this capacitance results
from electric field lines that emanate from the top plate and terminate on
the substrate rather than the bottom plate. With this component, a segmented

R c
il . N
_ o>
Dy_y onfureeceesy Cos
1] . -
R
’ * * Vout
D FCr
PR - § ¢, I
l“_o'im——-"-—l s %
0
b \ S
VRer P

(®)

Fig.4.20 (a) Top plate parasitic of a capacitor; (b) segmented capacitor array
including top plate parasitic. .
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capacitor DAC, for cxample, can be represented as in Figure 4.20(b), with Ct
modeling the total top plate parasitic. Here, the output voltage corresponding
to a thermometer code of height j is

VREF Binary Code

i Dy Dy D, D,
< -] Q (-]

= _J¢

T NCH+Cr
Since typically NC > Cr, (4.41) is simplified as
= jc

~ NC[1+Cr/(NC)]

Vo 4.41)

o]

AAL
"Wy

AAA.

Yy

Vo (4.42)

. —o’:'o——o Vout

J Cr
~ (1 - =L 4
1\/(1 NC') (443)

m—.ov

indicating that the gain deviates from unity by Cz/(NC).

While in many stand-alone D/A converters gain error is not a serious
drawback (and can often be nulled by external means), in DACs used in
multistep A/D converters it becomes crucial because it leads to differential
nonlinearity. This issue is discussed in Chapter 6.

W

4.4 SWITCHING AND LOGICAL FUNCTIONS

IN DACS @

VHEF 1-0f-n

; Ct;de

In order to produce at the output of a DAC an analog quantity proportional to
the digital input, some switching and logical functions are required. In this
section, we describe a number of these functions often employed in the design
of D/A converters. In Chapter 5, we see how these functions are chosen in
different architectures.

4.4.1 Switching Functions in Resistor-Ladder DACs

In resistor-ladder DACs with binary inputs, the switching function can

be implemented as an analog multiplexer [15]. As depicted in Figure 4.21(a),
the binary input selects one of the ladder taps, providing a resistive path from
that tap to the output. Thus, if no current is drawn from the output, V,, is
equal to the voltage of the selected tap. Note that for an m-bit DAC, m MOS
switches appear in series between each ladder tap and the output node. The
" total channel resistance of these switches often limits the settling speed at the
output and raises concern for the thermal noise added to V,,. Furthermore,
the output node must be buffered by a high input impedance amplifier because
resistive loads directly connected to V,, cause attenuation and nonlinearity
(as the on-resistance of switches varies with the output voltage). In addition,

Code .

P

Thermometer ° %
. out

(b)

Fig. 421 Resistor-ladder DAC with (a) binary input and (b) thermometer
code input.
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if Vrer is comparable'ﬁt_h~ the gate overdrive of the s 'itches, the topmost

switches in Figure 4.21(a) exhibit substantial on-resistance unless they use

complementary devices. :

For resistor-ladder DACs with thermometer code inputs—such as those
utilized in A/D converters—the switching can be realized as shown in Figure
4.21(b). Here, NAND gates are used to compare every two adjacent bits of
the thermometer code, thereby detecting the topmost ONE and generating a
1-of-n code. This code then turns on the corresponding switch, making Vou
equal to a ladder tap voltage. In contrast with the multiplexing configuration
of Figure 4.21(a), this DAC uses only one switch between each ladder tap
and the output, thus achieving a lower overall channel resistance and more
modularity in layout. However, for an m-bit DAC with thermometer code
input, 2™ switches are connected to the output node, introducing considerable
junction and overlap capacitance at that node. For the same DAC with binary
inputs, on the other hand, the capacitance of only 2m switches appears in the
path from ladder taps to the output. ‘

Other ladder switching topologies are described in the context of DAC
architectures in Chapter 5.

4.4.2 Switching Functions in Current-Steering DACs

Current-steering DACs configured as segmented or binary arrays of-
ten use a unit current-steering cell. Figure 4.22 illustrates different current-
switching cells in bipolar and CMOS technologies. Note that these circuits
can naturally provide differential outputs.

A comparison of the speed and precision of these cells can reveal their
merits and drawbacks. The exponential I-V characteristic of bipolar transis-
tors allows complete switching of current with only a few hundred millivolts
of differential swing at D and D in Figure 4.22(a). On the other hand, the
MOS pair in Figure 4.22(b) typically requires differential swings of more than
1V at D and D to ensure that one side turns off completely. This difference in
swings indicates two advantages for bipolar switches over MOS devices. First,
the input voltage transition is faster. Second, the voltage swing at node X in
Figure 4.22(a) is smaller and hence the feedthrough to the bias line V} is less.

An important aspect of the above current-steering cells is their output
impedance because it contributes to the overall integral nonlinearity (Section
4.3.2). For the bipolar cell, this impedance is [6]
1+ gmsRe

gmiRE

1 4 2mE
75

where g,,3 is the transconductance of Q3, and gm12 and 7o are the transcon-

ro3gmiaro12, (4.44)

Rout =
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Fig. 4.22 Current-steering cells in (a) bipolar and (b) MOS technologies.

ductance and output impedance of Q; or Q, (whichever is on), respectively.
This equation can be rewritten as
Vre + Vr
Row = 5———
Vre + BVr

where Vgg denotes the voltage drop across Rg. In a typical case, Vr «
Vre « BVr, yielding:

Brosgmizrorz, . (4.45)

VRE '
Rou = 7 T038mi2r012. (4.46)
T

Thus, emitter degeneration increases the output impedance by a factor of
Vze/ Vr, making it desirable to maximize this ratio in the presence of voltage
headroom constraints. Note that as explained in Section 4.3.2, increasing this
ratio also lowers mismatch between cells by suppressing the effect of emitter
area mismatch.

For the MOS current-steering cell, the output impedance depends on
whether M| and M; are in the saturation or the linear region when they are
on. If these devices are in saturation, then

Row = ro3gmizron. 4.47)

For a given current, this value can be increased by increasing the length
of M-Mj3 or the width of M; and M,. To maximize speed, M; and M>
usually employ minimum length and Mj is sized to provide adequate output
impedance.
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If M} and M, in Figure 4.22(b) enter the deep linear region, then
Row = ro3 + Ront2, (4.48)

where R,,12 is the on-resistance of M| and M. This value is much less than
that in (4.47) and often inadequate for current-steering DACs.

Another consideration in high-resolution DACs is that the settling time
at the output node usually dominates the conversion speed. Consequently, the
current switching delay is only a small fraction of the total conversion time,
making the difference between switching speeds of bipolar and MOS pairs
negligible.

It is important to note that the output voltage swing of current steering
DAC:s is quite limited, whereas it can extend to both supply rails in resistor-
ladder and capacitor DACs, making the latter two more suitable when a wide
dynamic range is necessary.

Other variants of current-steering cells are discussed in [16, 17].

4.4.3 Switching Functions in Capacitor DACs

Figure 4.23 illustrates the implementation of switching function in.a
typical capacitor DAC. Depending on the digital input format (binary or ther-
mometer code), the devices in this circuit have uniform or binary weighting.
The digital input controls the MOS devices that switch the bottom plate of the
capacitors between ground and Vegr. The top plate is discharged to ground
by Sp during reset.

It is instructive to calculate the settling time of this DAC as a function
of the sizes of the capacitors, the switches, and the load capacitance. As
an example, we consider a segmented array, shown in simplified form in
Figure 4.24 for a thermometer input of height j. Here, Ry represents the on-
resistance of the kth switch and C;, denotes the load capacitance. Assuming
Ri=:--=Ry=R,Ci=--=Cy = C,and NC » CL, the reader
can easily show that the output settling behavior is described by a single time

constant equal to RC
L
Tout = (4.49)
Note that 7, is independent of the value of the capacitors in the array. This is
because all the devices in the array were assumed identical, thereby resulting
in cancellation of higher-order terms of the complex frequency s. In reality,
the capacitors and switches do not match perfectly, yielding additional com-

ponents in the settling waveform. Equation (4.49) nonetheless shows that the
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Fig.4.23 Switching in a capacitor DAC.
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Fig.4.24 Simplified small-signal model of a segmented capacitor array.
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time constant can be quite small because the on-resistances of all the switches
appear in parallel when the circuit drives Cy.

Another issue in this DAC relates to the size of the reset switch Sp. In
order to suppress both the nonlinearity of source or drain junction capacitance
and the offset caused by charge injection of Sp, its size must be minimized.
However, this would result in a very slow reset if Sp were to discharge the
entire array to ground. This problem can be avoided if the bottom plates of
capacitors are grounded during reset so that the array capacitors remove the
charge that they previously injected onto the output node in the conversion
mode [18].

In the capacitor DACs used in successive approximation A/D converters,
the voltage of the top plate of the array always returns to zero at the end of
conversion (Chapter 6). Thus, in such applications the nonlinearity of the
junction capacitance of the top plate switch is negligible.

The switching operation in capacitor DACs often draws very large tran-
sient currents from Vgzgr. For example, if 64 capacitors in a 128-unit array
switch from ground to Vzer = 2 V and if each capacitor has a value of 0.5 pF
and each switch an on-resistance of 1 k€2, then the initial current drawn from
Vker exceeds SO mA and itreaches this peak in only a few nanoseconds. If Virer
is supplied externally, the lead and trace inductance of the package give rise
to substantial transient voltage drops as a result of such a large current spike,
thus increasing the output settling time dramatically. If Vggr is generated on
the chip, the reference generator must exhibit low output impedance even for
high-speed transients, a requirement often difficult to meet with reasonable
power dissipation.

4.4.4 Binary-to-Thermometer Code Conversion

Various features of the thermometer code have made it attractive for use
in D/A converters. Since in stand-alone DACs the digital input is typically
binary, a binary-thermometer code conversion is usually necessary.

Shown in Figure 4.25 are the binary and thermometer codes correspond-
ing to decimal numbers 0 to 7 along with logical expressions that perform this
conversion. These expressions can be easily implemented using one level of
gates.

While the relationships in Figure 4.25 can be realized as random logic,
it is advantageous to create a modular form applicable to higher word lengths.
In most stand-alone DACs, the logic is implemented in several levels, of-
ten with pipelining in between. We discuss these techniques in Chap-
ter 5.
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Binary Thermometer

ABC| I3 T

800 0000000 Ti=A+B+C Ts=A (B+C)

011000000 - -

8}? }100000 T2—A+B Ts—AB
110000 - =

100[1111000 Ta=A+BC T;=ABC

1011111100 T.=A

110({1111110 4=

11111111111

Fig. 4.25 Binary-to-thermometer code conversion.
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5

Digital-to-Analog Converter
Architectures

With the basic principles of D/A conversion explained in Chapter 4, we can
now study this function from an architectural perspective. This chapter de-
scribes D/A converter architectures based on resistor ladders and current-
steering arrays, with emphasis on stand-alone applications. While the capaci-
tor DACs introduced in Chapter 4 are frequently used in A/D converters, they
have not been popular as stand-alone circuits, primarily because they require
a buffer to drive resistive loads and are also susceptible to nonlinear capacitive
loading (e.g., due to switch junction capacitance).

5.1 RESISTOR-LADDER DAC ARCHITECTURES

The simplicity of resistor-ladder DACs using MOS switches makes these ar-
chitectures attractive for many applications. However, for resolutions of 8
bits and above a simple ladder such as that described in Section 4.3.1 suffers
from several drawbacks: it requires a large number of resistors and switches
(2™, where m is the resolution) and exhibits a long delay at the output. Conse-
quently, alternative ladder topologies have been devised to improve the speed
and resolution, ‘

This section describes several resistor-ladder DAC architectures that
provide means of overcoming the above problems.

5.1.1 Ladder Architecture with Switched Subdivider

In high-resolution applications, the number of devices in a DAC can be
prohibitively large. It is therefore plausible to decompose the converter into

79
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a coarse section and a fine section so that the number of devices becomes
proportional to approximately 2™/2 rather than 2™, where m is the overall
resolution. Such an architecture is shown in Figure 5.1(a). In this circuit, a
primary ladder divides the main reference voltage, generating 2/ equal voltage
segments. One of these segments is selected by the j most significant bits of
the input and subdivided by a factor of 2* using a secondary ladder such that
k+j = m. Ifk = j, the number of devices in this architecture is proportional
to 2™/2, It is also possible to utilize more than two ladders to further reduce
the number of devices at high resolutions.

Figure 5.1(b) depicts a simple implementation of this architecture using
MOS switches that are driven by 1-of-n codes in both stages [1]. Depending
on the environment, these codes are generated from binary or thermometer
code inputs.

The architecture of Figure 5.1(b) suffers from several drawbacks due to
the switched subdivider. First, the finite on-resistance of the MOS switches
used in the first multiplexer introduces differential nonlinearity at the output.
Figure 5.2 illustrates this effect. Here, R, and Ry represent the unit resistors
of the primary and secondary ladders, respectively, and R,, denotes the switch
on-resistance. Neglecting the current drawn by the secondary ladder, suppose
the input code is such that the subdivider is connected to nodes n — 1 and n
and the output voltage is equal to V,, [Figure 5.2(a)]. Now, if the digital input
increments by 1 LSB, the subdivider switches to nodes n and n + 1 and,
as shown in Figure 5.2(b), Vx is taken to the output. Ideally, the difference
between Vy and V, must be equal to 1 LSB [= (Vn41— V,)/2*]. But, with the
finite on-resistance of the switches, a finite error results. It can be easily shown
that this error is approximately equal to (Vy41 — Vi) Ren/ (R, + 2%R.2). In
order to maintain this error much less than 1 LSB, R, must be much less than
Rua.

Another source of differential nonlinearity in this architecture is the
loading of the switched subdivider on the primary ladder. If the subdivider
is connected to nodes n — 1 and n of the primary ladder (Figure 5.2), then
V,, — Vi is slightly less than V41 — Vj,. It can be easily shown that for this
error to be much less than 1 LSB, R,; < R,a.

Switched subdividers also exhibit long settling times. This occurs be-
cause when the subdivider switches from one segment of the primary ladder
to another, all the capacitance associated with the subdivider (MOS device
capacitance, wiring capacitance, etc.) must charge or discharge through the
resistance of the primary ladder, a particularly acute problem if the digital
input goes from zero to full-scale.
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5.1.2 Intermeshed Ladder Architectures

Some of the drawbacks previously mentioned for ladder DACs can be
alleviated through the use of intermeshed ladder architectures [2, 3]. In these
architectures, a primary ladder divides the main reference voltage into equal
segments, each of which is subdivided by a separate, fixed secondary ladder.
Figure 5.3(a) illustrates such an arrangement [2], where all the switches are
controlled by a 1-of-n code.

The intermeshed ladder has several advantages over single-ladder or
switched-ladder architectures. Compared with a single-ladder DAC having
the same resolution, this configuration can have smaller equivalent resistance
at each tap, thus allowing faster recovery. Also, since the secondary ladders
do not switch, their loading on the primary ladder is constant and uniform.
Furthermore, the DNL resulting from finite on-resistance of switches does not
exist here.

In the topology of Figure 5.3(a), the output node is loaded with the
parasitic capacitance of all the switches connected to the ladder. To reduce
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this capacitance, the output nodes of the secondary ladders can be multiplexed
[3] as depicted in Figure 5.3(b). In this circuit, the switches connected to the
output node comprise a multiplexer and are controlled by the most significant
bits. Note that in contrast with Figure 5.3(a), the resistive path charging the
output node consists of two switches in series, but the overall settling time is
less because the output node capacitance is reduced substantially.

Another approach to reducing the settling time is to precharge the DAC
output node to a proper voltage [3]. For example, in Figure 5.3(b), the output
node of each secondary ladder can be precharged to the middle tap voltage of
that ladder so that the output voltage is already a coarse estimate of its final
value.

5.2 CURRENT-STEERING ARCHITECTURES

Most high-speed D/A converters are based on current-steering architectures.
Since these architectures can drive resistive loads directly, they do not require
high-speed amplifiers at the output and hence are potentially faster than other
types of DACs. While the high-speed switching of bipolar transistors makes
them the natural choice for current-steering DACs, many designs have beenre-
cently reported in CMOS technology as well. Examples of high-speed design
include 10-bit resolution at 1 GHz [4] and 12-bit resolution at 125 MHz [5].

5.2.1 R-2R-Network Based Architectures

Tn order to realize binary weighting in a current-steering DAC, an R-2R
ladder can be incorporated so as to relax device scaling requirements {6, 71.
Figure 5.4 illustrates an architecture that employs an R-2R ladder in the
emitter network. Here, the area of the bipolar transistors is scaled in powers
of 2 from 2¥~' A for the MSB current source (Qx-1) to A for the LSB
current source (Qy), where Az denotes the emitter area of a unit transistor.
Transistor Q,, identical with Qy, and its associated emitter resistors provide
proper “termination” at the end of the array to allow accurate binary scaling.
This point is clarified in the following analysis.

To see how binary weighting of currents is accomplished, we consider
. a 3-bit version of this architecture, shown in Figure 5.5(a), where mismatch
effects are neglected. Since Q, and Qg have equal emitter area and emitter
resistors, their collector currents are equal, I, = Jo. Consequently, as depicted
in Figure 5.5(b), these transistors and their corresponding emitter resistors can
be replaced with an equivalent circuit consisting of a transistor with emitter
area 2Ag (Qoa) and an emitter resistor equal to R. Now, Qos and Qg have
equal emitter area and emitter resistors; ie., I = Iy + I, = 2I,. Replacing

Sec. 5.2 Current-Steering Architectures 85

" l ) g }—y fout
| l |

CAFTE PV TS G PN

f—{’ ou;;r.lia::v; m BIT,

VB‘ LK ]

2R 2R 2R R

VEE

Fig. 5.4 Current-steering DAC with R-2R ladder in the emitter network.

A

I I
Q, Q4
Va e

B

1
aAg 24,

o ut pa 4

ot onty
" ?,{f ¢eleuted

1

}

R~2R mot uied,

A\
=

Y

A
A
iy

2R
J‘.
no nees
VEE seali V‘%
(a)
Iz l1+ lo'l'l
Q; e
v,
g 4Ag 4Ag
2R R
A
v
(b) (c)

Fig.5.5 (a) Simplified circuit of a 3-bit current-steering DAC; (b) equivalent
circuit of (a); (c) equivalent circuit of (b).

these devices with an equivalent circuit yields that in Figure 5.5(c), from

which it follows that I, = I| + Iy + I, = 41,. Thus,. I, I}, and Iy are
binary-weighted.

7’“ o
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In contrast with the binary weighting discussed in Section 4.3.2 and de-
picted in Figure 4.8, the architecture of Figure 5.4 does not require a wide
range of scaling for the resistors. Nonetheless, the transistors must still be
scaled, a-requirement that results in both large chip area and large capaci-
tance at their collector nodes. To mitigate these problems, some of the LSB
transistors can remain unscaled, with the resulting error corrected by addi-
tional circuit techniques [8]. As an example, consider the two current sources
shown in Figure 5.6(a), where the emitter resistors of Q1 and Q> are scaled
by a factor of 2 but the transistors have equal area. If the voltage drop across
the emitter resistors is much greater than Vr, then I, = 21; and

I I
Vie,2 — Vee = Vrin—% — Vy In —- 5.1
Isy Is)
&~ Vrin2, (5.2)

where Ig; and Is; are the saturation currents of Q; and Q», respectively.
Thus, I, is greater than its ideal value by approximately (Vr In2)/(2R).

I I4
Q2 Q4
Vi1 A
2R
Vee
() ()

Fig. 5.6 (a) Current sources with scaled emitter resistors but unscaled tran-
sistors; (b) error correction using a voltage source equal to Vr In2.

Since I # 2I;, (5.2) is merely an approximation, but its accuracy
can be improved by iteration. For example, from the above approximation,
I, = 21} + (Vr In2)/R, which can be substituted in (5.1):

21 + (VrIn2)/R
I

Vr
=~ ——)1In2. 4
VT(1+2R11) n2 (6X))

Vee2 — Veeq = Vrln 5.3)

Nonetheless, typically 2Ry 3> Vr, and (5.2) provides a reasonable approxi-
mation.
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The above discussion indicates that the base-emitter voltage of Q; in
Figure 5.6(a) is V7 In2 volts less than its ideal value for proper scaling. This
error can be canceled by inserting a voltage source equal to Vr In2 between
the bias voltages applied to the bases of Q; and Q5 [Figure 5.6(b)]. This
voltage difference can be established by passing a current of (V7 In2)/ Ry,
through a resistor Ry, interposed between the bases of Q) and Q; [Figuze
5.7(a)). The current is proportional to absolute temperature (PTAT) and can
be generated by any of the various band gap reference circuits [9, 10]. As
an example, consider the circuit in Figure 5.7, where the emitter area of Q5
is twice that of Qy; i.e., Isy = 2I5;. The feedback loop established by the
difference amplifier A ensures that I¢; = I¢,. Consequently,

I I
Vg2 ~ Vee.t = Vrln <2 _ Vrin < (5.5)
Is; Is)
= -Vrin2 (5.6)
Y/2 1
Q; Q4
Vb‘l g ‘v‘r‘v
Rbs
R 2R Ins
Veee
(a)
I
R; - EE Re .
>
Ibs
Q3 Q, Q4
=
24, 24, Ag
Ry R,
Vg o— R3=Rz= Ry
(b)

Fig. 5.7 (a) Implementation of a floating voltage of Rpslps = Vrin2; (b)
generation of PTAT current Iy,s = (Vr In2)/ Rpg.

.
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This voltage difference is sustained across Ry (= Rus), giving Icz =
(VrIn2)/Rys. The output current I3 is generated by a current source con-
sisting of Q3 and Rj, which are replicas of 0 and Ry, respectively. Note
that the base current of Q; in Figure 5.7(a) introduces an additional voltage
drop across Ry, degrading the accuracy of correction slightly.

Another R-2 R-network-based architecture is shown in Figure 5.8, where
device scaling does not exceed a factor of 2 to 1, thereby reducing the
circuit area substantially [7]. This circuit consists of identical transistors
Qo, ..., Q-1 with equal emitter resistors and an R-2R network that per-
forms the binary division of the collector currents.

At m: o
R

R
lowt — MW My— oo
a Py :||
L ! !
Q-1 Q-2 Qo
VB [ 2 tee
Rge Rg Re
VEE‘

Fig. 58 Current-steering DAC with R-2R ladder in the collector network.

To see how this division is accomplished, we consider a 3-bit example
having the equivalent circuit shown in Figure 5.9(a) (with all the cux'-rer}ts
switched to the output). If the circuit inside the dashed box is replaced w1th. its
Norton equivalent, the circuit shown in Figure 5.9(b) is obtained. Combining
the parallel devices in this circuit and substituting the result with anot.her
Norton equivalent, we arrive at Figure 5.9(c). Thus, the output current 1s a
binary-weighted sum of I}, I, and I3. This derivation also shows that if an
external resistor is tied from the output node to ground, it merely affects the
full-scale output voltage swing and has no influence on the accuracy of the
binary weighting. '

The architectures described in this section can be employed to acl?leve
high resolutions. The small number of resistors—twice the number of bits—
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Fig. 5.9 Equivalent circuits of a 3-bit current-steering DAC with an R-2R
ladder in the collector network.

used in these circuits makes it possible to laser-trim these resistors, thus cor-
recting mismatch errors. However, unlike segmented arrays, these archi-
tectures do not exploit error averaging due to a large number of nominally
identical devices and hence require tighter matching of the components.
Another drawback of these architectures is their potentially large glitch
area. To study this effect, consider the simplified circuit of a 4-bit DAC
shown in Figure 5.10. First, suppose the digital binary input is equal to 1000
and hence only the MSB current source is switched to the output. Now, if

the digital input goes to 0111, the MSB current source turns off while the

other three turn on and the output changes by I/R;. In practice, however,
the digital signals driving the switches suffer from finite risetime and falltime
as well as timing skews. For example, during the transition from 1000 to

- 0111, all four switches may be partially off for a short time. Thus, the output

current momentarily reaches a value different from either 87 or 71, causing
a glitch.

‘Timing skews can be suppressed through the use of on-chip latches to
sample and align the incoming digital signals and apply only the sampled val-
ues to the current switches. Finite transition times and clock skews, however,

still result in output glitches.
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Fig. 5.10 Glitch impulse in a current-steering DAC.
5.2.2 Segmented Architectures

As mentioned in the previous section, architectures based on simple
binary weighting suffer from two important drawbacks. First, they require
tight device matching to achieve monotonicity (DNL < 1 LSB). Second, they
exhibit large glitch impulses. Segmented architectures are commonly used to
alleviate these problems. -

Figure 5.11 shows an m-bit segmented current-steering architecture
which is based on the segmented array described in Section 4.3.2. In this
architecture, N = 2™ — 1 nominally identical current sources are controlled
by a thermometer code. In a stand-alone DAC, a binary-thermometer encoder
precedes the array.

In Figure 5.11, as the digital input increases, the DAC switches more
current sources to the output without turning off any of the current sources
that are already switched to the output. Thus, the input/output characteristic
is monotonic and the glitch impulse is small. Note that while monotonicity
typically results in a small DNL, the INL may be quite large if the devices do

not match accurately. _

The circuit of Figure 5.11 is called a “fully segmented” architecture
because it employs 2™ — 1 equal current sources for m bits. For k > 8, the

E—
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...........

Binary-Thermometer Decoder

Binary Input

Fig.5.11 Segmented current-steering DAC.

number of devices in the array becomes quite large, leading to a high ca-
pacitance at the output node. Furthermore, the binary-thermometer decoding
logic occupies a large area and requires substantial power dissipation. Even
though fully segmented architectures have been used for resolutions as high
as 10 bits {11] (to minimize the glitch impulse), it is often more efficient to
partition the DAC into a segmented coarse sub-DAC and a binary-weighted
fine sub-DAC whose output currents are simply added. In other words, for
a resolution of m = k + n, the k most significant bits are converted to ther-
mometer code and drive a 2*-unit segmented array, while the remaining n bits
are directly applied to an n-bit binary array. Called the partially segmented
architecture, this topology is illustrated for k = 6 and n = 4 in Figure 5.12.
Here, an R-2R ladder performs the binary weighting in the same manner as
described in Section 5.2.1.

The choice of k and n in general depends on the matching of the current
sources and the tolerable glitch area. Typical values for k range from 4 to 7.

In the architecture of Figure 5.12, the complexity of the binary-thermo-
meter code conversion, the large number of current sources, and the issues
related to routing signals place stringent requirements on floor planning and
layout. An efficient approach is to arrange the current sources and part of
the decoding in a matrix, as shown in Figure 5.13(a) [12]. Here, binary-ther-
mometer conversion is performed in two steps: row and column decoding
followed by local decoding within each cell of the matrix. In the first step, the
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Fig. 5.12 A 10-bit partially segmented current-steering DAC.

input binary word (Dg . . . D1) is partitioned into two subwords (D¢ Ds D4 and
D3 D, Dy) each of which is converted to a thermometer code. The resulting
codes are distributed across the matrix as depicted in Figure 5.13(a). In the
second step, the row. and column thermometer codes are combined locally
to determine the required status of each current source. To implement local
decoding, we note that for any digital input, each row falls in one of three
categories [12]: (1) rows in which all current cells are on, (2) rows in which
all current cells are off, and (3) a certain row in which some of the current cells
are on. To determine the status of each cell, the row and column thermometer
codes are locally combined around each current source. Figure 5.13(b) shows
an example where two adjacent bits of the row thermometer code and one bit
of the column thermometer code are used to generate the control signal for
the current source.

While providing a simple, modular layout, the matrix confi guration must
deal with two difficulties. First, the analog output line inevitably experiences
a great deal of coupling from the digital signals that flow in both horizontal
and vertical directions within the matrix. In bipolar implementations, this
effect is minimized through the use of relatively small (= 0.5 V) differential

signals for column and row thermometer codes. In CMOS circuits, on the -

other hand, these signals are typically rail-to-rail and single-ended, resulting
in substantial coupling to the analog output. ‘

The second issue stems from the wiring capacitance of the analog output
line. This line must reach all the cells, and its total length is given primarily
by the size of each cell. Since the cells must be large enough to accommodate
local decoding (and a current source), the total length of the analog output
line and hence the output settling are quite long.
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Fig. 5.13 (a) Matrix floorplan for segmented DACs, (b) local decoding.

The idea of segmented DACs was originally proposed by Shoeff and used
in a 12-bit converter to achieve monotonicity without trimming [13]. Shown
in Figure 5.14 is a simplified 5-bit version of this architecture consisting of a
segmented array 14-17 and a binary-weighted array Ip-I3. The basic principle
of this architecture is to switch each of the equal current sources I;-1; to the
output in an additive fashion and use their subdivisions to provide finer steps
and hence higher resolution.

To illustrate this principle, we examine the output current as the digital
(binary) input Dy, = Ds .- - D, varies from zero to full-scale. For 0 < D, <
23 — 1, the current source /4 is switched to node P and subdivided to generate
I3-Iy. Thus, I3-1; are switched to the output node according to the value of
D,, while other currents are switched to ground. Note that for Dy, =23 — 1,
Ly =1y — Iy

When the digital input is equal to 23, I, is switched to the output node,
Is to node P, and the remaining currents to ground. Thus, the difference
between the output currents corresponding to D;, = 23 — 1 and Dy, = 23 is
equal to Iy, indicating that this transition is always monotonic because I has
a finite positive value.

For2® < Dy, < 2*~1, Is is subdivided to generate /3-Io, and the output
current is equal to the sum of a proper combination of these currents and 3.
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Fig. 5.14 Partially segmented architecture proposed by Shoeff.

For D;, = 2%, I5 is switched directly to the output; i.e., Iy, = I4 + Is. Again,
the difference between output currents corresponding to Dy, = 2* — 1 and
D,, = 2%isequal to Iy, thereby preserving monotonicity. The same switching
algorithm is used for larger digital inputs.

The integral linearity of this architecture depends primarily on the match-
ing of I4-I7. Laser-trimming or self-calibration techniques such as those de-
scribed in Section 8.3.1 can be employed to achieve a small INL.

Despite the above features, this circuit faces an important limitation
when implemented in today’s technologies. The stacking of devices in current
sources I3-Iy on top of one of I4-I7 severely limits the output voltage swing
if the supply voltage isonly 5 V.

The segment decoder utilized in this architecture is more than a binary-
to-thermometer converter because it must also determine which one of I4-I7
is switched tonode P. A compactimplementation is possible if multiple logic
levels are used [13].
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6

Analog-to-Digital Converter
Architectures

Analog-to-digital converters provide the link between the analog world and
digital systems. Due to their extensive use of analog and mixed analog-dig%tal
operations, A/D converters often appear as the bottleneck in data processing
applications, limiting the overall speed or precision.

Following a definition of performance metrics, we describe in this chap-
ter a number of A/D converter architectures commonly employed in high-
performance systems. These architectures can be broadly classiﬁ;d as one-
step or multistep, with flash, interpolative, and folding topologies in the first
category and two-step, pipelined, and successive approximation configura-
tions in the second. However, two-step ADCs (and the concept of residue)
are discussed before interpolative and folding architectures to simplify the
description of the latter. Also, flash and two-step converters are studied in
great detail because a good understanding of these two architectures proves
helpful in analyzing other ADCs as well.

In addition to the ADC architectures covered here, several others are
sometimes used in specialized applications. Gordon provides a comprehen-
sive study of such architectures [1].

6.1 GENERAL CONSIDERATIONS

An A/D converter produces a digital output, D, as a function of the analog
input, A:
D = f(A) 6.1)
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While the input can assume an infinite number of values, the output can be
selected from only a finite set of codes given by the converter’s output word
length (i.e, resolution). Thus, the ADC must approximate each input level
with one of these codes. This is accomplished, for example, by generating a
set of reference voltages corresponding to each code, comparing the analog
input with each reference, and selecting the reference (and its code) closest to
the input level. In most ADCs, the analog input is a voltage quantity because
comparing, routing, and storing are easier for voltages than for currents.

Figure 6.1(a) depicts a simple ADC input/output characteristic where
the analog input is approximated with the nearest smaller reference level. If
the digital output is an m-bit binary number, then

A
D =[2"——], 6.2
[ VREF] (6.2)

where [-] denotes the integer part of the argument and Vg is the input full-
scale voltage. Note that the minimum change in the input that causes a change

in the output is A = Vggr/2™ and corresponds to the least significant bit of
the digital representation.
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Fig. 6.1 (a) Input/output characteristic; (b) quantization error of an A/D
converter.
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The approximation or “rounding” effect in A/D converters is called
“quantization,” and the difference between the original input and the digitized
output is called the “quantization error” and is denoted here by &q. For the
characteristic of Figure 6.1(a), &, varies as shown in Figure 6.1(b), with
the maximum occurring before each code transition. This error decreases
as the resolution increases, and its effect can be viewed as additive noise
(called “quantization noise”) appearing at the output. Thus, even an “ideal”
m-bit ADC introduces nonzero noise in the converted signal simply due to
quantization.

We can formulate the impact of quantization noise on the performance
as follows. For simplicity, consider a slightly different input/output character-
istic, shown in Figure 6.2(a), where code transitions occur at odd (rather than
even) multiples of A /2. A time domain waveform therefore experiences both
negative and positive quantization errors as illustrated in Figure 6.2(b). To
calculate the power of the resulting noise, we assume that &4 is (1) arandom
variable uniformly distributed between —A /2 and +A /2, and (2) indepen-
dent of the analog input. While these assumptions are not strictly valid in the
general case, they usually provide a reasonable approximation for resolutions
above 4 bits. The quantization noise power can then be expressed as the mean
square of g,:

Z=1 "0y, 6.3

gQ*Zf-A/z Kl ©3)
A2

= 7R 6.4

If the analog input is a sinusoid with amplitude Vigr/2 (peak-to-peak
Vier), its total power is equal to Vi&;/8 = 22" A2/8. Thus, the peak signal-
to-noise ratio SNR p at the output is

22m—3 A2
SNRp = _A—Z/IT 6.5)
3
= 22, 6.6
3 (6.6)
which, when expressed in decibels, becomes
SNRp = 6.02m + 1.76 dB. 6.7)

This equation is often used to compare the performance of a given m-bit ADC
with that of an ideal one. For example, the peak SNR may be measured inde-
pendently to attain an effective value for m. This is discussed in more detail
later.
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Fig. 6.2 (a) Modified ADC characteristic; (b) effect of amplitude quantiza-
tion on a time domain waveform.

The quantization characteristics described above are “uniform”; i.e.,
their transition points are equally spaced. In some applications, other types
such as logarithmic quantization are desirable [2]. In this book, we consider
only uniform quantization.

A more extensive analysis of quantization can be found in [2] and 3].

6.2 PERFORMANCE METRICS

As with sampling circuits and D/A converters, full specification of the per-
formance of ADCs requires a large number of parameters, some of which are
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defined differently by different manufacturers. Here, we define a number of
important metrics frequently used in the book. For a complete set of specifi-
cations, the reader is referred to the literature [4, 5] and manufacturers’ data
books.

Illustrated in Figure 6.3, the following definitions describe the static
behavior of ADCs.
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Fig. 6.3 Static ADC metrics.

o Differential nonlinearity (DNL) is the maximum deviation in the dif-
ference between two consecutive code transition points on the input
axis from the ideal value of 1 LSB.

e Integralnonlinearity (INL)is the maximum deviation of the input/output

characteristic from a straight line passed through its end points (line
AB inFigure 6.3). The overall difference plot is called the INL profile.

o Offset is the vertical intercept of the straight line through the end
points.

e Gain error is the deviation of the slope of line A B from its ideal value
(usually unity).

Often specified as a function of the sampling and input frequencies,
the following terms are used to characterize the dynamic performance of
converters.

» Signal-to-noise ratio (SNR) is the ratio of the signal power to the total
noise power at the output (usually measured for a sinusoidal input).

¢ Signal-to-(noise + distortion) ratio (SNDR) is the ratio of the signal
power to the total noise and harmonic power at the output, when the
input is a sinusoid.
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o Effective number of bits (ENOB) is defined by the following equation:

SNDRp - 1.76
ENOB = ——eoo— | 6.8
6.02 6.8)
where SNDR p is the peak SNDR of the converter expressed in deci-

bels.
o Dynamic range is the ratio of the power of a full-scale sinusoidal input’
to the power of a sinusoidal input for which SNR= 0 dB.

It is important to note that since A/D conversion entails signal sampling,
many of the sampling circuit metrics described in Chapter 2 can be added to
ADC parameters. For example, aperture jitter is a crucial parameter because
it directly impacts the output SNR.

6.3 FLASH ARCHITECTURES

Conceptually the simplest and potentially the fastest, flash architectures em-
ploy parallelism and “distributed” sampling to achieve a high conversion
speed. Figure 6.4 is a block diagram of an m-bit flash ADC. The circuit
consists of 2™ comparators, a resistor ladder comprising 2™ equal segments,
and a decoder. The ladder subdivides the main reference into 2™ equally
spaced voltages, and the comparators compare the input signal with these
voltages. For example, if the analog input is between V; and Vi, com-
parators A} through A; produce ONEs at their outputs while the rest generate
ZEROs. Consequently, the comparator outputs constitute a thermometer code

'(Chapter 4), which is converted to binary by the decoder.

As explained in Chapter 7, comparators often incorporate clocked re-
generative amplifiers to achieve a high speed. In a flash architecture, clocked
comparators offer another advantage as well: they act as “polarity sampling”
circuits. We illustrate this by considering a simple block diagram of a com-
parator (Figure 6.5). This circuit consists of a preamplifier A and a latch.
When ¢ is high, A amplifies the difference between V,,; and V,, ; while the
latch is disabled. When @ goes low and ® goes high, A is disabled and the
latch begins to amplify the difference established at its input by the pream-
plifier, thus generating logic levels at the output. In other words, when @
is high, the comparator tracks the input, and when & goes low, it stores the
instantaneous polarity of Vi1 — Vip2. Thus, if all the comparators in Fig-
ure 6.4 are strobed at the same time, they collectively store the polarity of
the difference between Vi, and each V;, thereby operating as a “distributed”
sample-and-hold circuit.
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Fig. 6.4 Block diagram of an m-bit flash A/D converter.
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Fig. 6.5 Simple comparator architecture.

It follows from the above discussion that full-flash architectures, in prin-
ciple, do not need explicit front-end sample-and-hold circuits and their per-
formance is determined primarily by that of their constituent comparators.
Since comparators do not require linear amplification (Chapter 7) and hence
typically achieve much higher speeds than sample-and-hold amplifiers, flash
ADC:s can operate faster than those that demand front-end SHAs.

g
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Despite these features, flash topologies suffer from a number of draw-
backs due to massive parallelism or lack of a front-end sampling circuit. Since
the number of comparators grows exponentially with the resolution, these
ADCs require excessively large power and area for resolutions above 8 bits.
Furthermore, the large number of comparators gives rise to problems such as

dc and ac deviation of the reference voltages generated by the ladder, large |

nonlinear input capacitance; and kickback noise at the analog input. In ad-
dition, the lack of a front-end sample-and-hold amplifier makes the converter
susceptible to sparkles and slew-dependent sampling points. We discuss each
of these issues below.

6.3.1 Reference Ladder DC and AC Bowing

The nonidealities of the comparators in a flash ADC can introduce sub-
stantial errors in the reference voltages produced by the resistor ladder. The
input bias current of bipolar comparators gives rise to dc “bowing” of these
voltages, while capacitive feedthrough or switched capacitances at the input
of each comparator cause transient errors. Both of these errors can also be
viewed as integral nonlinearity.

. Toillustrate the dc bowing, let us consider the bipolar stage shown in
Figure 6.6, a circuit often used at the front end of comparators. Here, the
emitter follower Q; draws a finite, relatively constant base current, /g, from
the reference ladder, thereby lowering each tap voltage. The total error due
to all the comparators can be obtained using the equivalent circuit of Figure
6.7(a), where R, denotes the ladder unit resistance and both ends of the ladder
are grounded so that each node voltage contains only an error term. To find
the voltage at node j, we replace the circuits in the dashed boxes with their
Norton equivalents. Using superposition, the reader can easily prove that the
circuit in Figure 6.7(b) is attained. The integral nonlinearity at node j is
therefore equal to

1, .
INL; = EJ(N - )RyIp, (6.9).

which, at j = N /2, reaches a maximum of
1
INLyax = §N2R,, Ig. (6.10)
Note that this error increases with the square of the number of the comparators.

In order to reduce dc bowing, currents with proper values can be injected
atone or more (equally spaced) points along the ladder. For example, a current
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Fig. 6.6 Input stage of a typical bipolar comparator.
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Fig. 6.7 (a) Equivalent circuit of a resistor ladder with de bowing; (b) sim-
plified model of (a) using Norton equivalent.

of N1g/2 injected at j = N /2 removes the error at this node, lowering the
maximum INL by a factor of 4. Such corrective currents must of course track
the actual value of /p so as to maintain accuracy with process and temperature
variations.

Another error in the reference levels is caused by capacitive feedthrough
from the analog input to the resistor ladder. Consider the bipolar stage shown
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in Figure 6.8, where the base-emitter capacitance of Q-Q4 provides a signal
path from V;, to V.. Forhigh-frequency inputs, this path conducts appreciably,
thereby disturbing the dc voltage generated by the ladder at V,. If the number
of comparators is large, the total signal feedthrough becomes substantial and
the ladder tap voltages deviate from their dc values significantly. Note that
this error is also proportional to the square of the number of comparators. ,

Fig. 6.8 Analog input feedthrough to reference ladder.

The transient error due to feedthrough can be alleviated by lowering the
unit resistance of the ladder, but at the cost of higher power dissipation and
difficulties in routing the ladder.

Another type of transient bowing arises in CMOS flash converters where-
in comparators employ switched capacitors at their input. As explained in
Chapter 8, CMOS comparators often incorporate offset cancellation for reso-
lutions of 8 bits and above. Illustrated in Figure 6.9 is a typical case, where a
CMOS inverter operates as a comparator [6, 10]. In the sampling mode, ) and
83 are on and S; is off. Thus, the inverter is driven to its high-gain region and
Vin is sampled on Cy. During comparison, only S; is on and the inverter gener-
ates an output voltage proportional to the difference between the sampled value
of Vi, and V.. When C, is connected to V, it is in series with the input capac-
itance of the inverter. Since C) is usually much larger than this capacitance,
we can reduce the circuit to an inverter input capacitance that switches be-
tween V;, and V, every cycle. This in effect is equivalent to a resistive path
between V,, and V;, introducing ac bowing along the ladder. In practice, the
parasitic capacitances of C to the substrate aggravate this problem.
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Fig. 6.9 Section of a CMOS flash ADC.

6.3.2 Nonlinear Input Capacitance

While the total input capacitance of a flash ADC (together with the signal
source output impedance) limits the analog input bandwidth, nonlinearities
in this capacitance introduce harmonic distortion in the sampled signal. For
example, in a bipolar converter, each comparator exhibits a nonlinear input
capacitance due to the base-collector junction of the inputdevice (Figure 6.10).
For a large number of comparators, this nonlinearity becomes substantial,
and the low-pass filter formed by the signal source resistance and the ADC
input capacitance yields an input-dependent delay. In other words, the input
experiences a smaller delay when it is most negative than when it is most
positive.

Vee

Fig. 6.10 Nonlinear input capacitance of a bipolar flash ADC.

Tounderstand this effect, consider the simplified equivalent circuit shown
in Figure 6.11, where Ry represents the signal source resistance and Cinis the
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total base-collector capacitance seen at the analog input. For V;, = A sin wt
and linear Cy,, the output would be V,,, & A sin(wt? + 8), where amplitude
attenuation is neglected and 8 = — tan™! (RsCjyw). The capacitance nonlin-
earity can be included in this equation by assuming that the output waveform
closely resembles a sinusoid but exhibits a voltage-dependent phase shift.
Since for small 4, tan—! @ ~ sin6 ~ 6 and _—

Vour & Asinwt + A6 cos wt, (6.11)

we have
Vour ® Asinwt — ARsCi o cos wt. (6.12)

Because Cj, is a function of the input voltage, the second term in (6.12)
contains sinusoidal components at 2w, 3w, etc. These components can be
easily found by approximating C;, with a polynomial [such as that in equation
(4.40)] and expanding the second term in (6.12).

LhAj j- o Vout
I Cin= f(Vout)

(@) (b)

Fig. 6.11 (a) Simplified equivalent input circuit of a flash ADC; (b) wave-
forms of (a).

6.3.3 Kickback Noise

An important issue in flash converters is the accumulative effect of the
kickback noise introduced by the comparators. As explained in Chapter 7,
strobed comparators generate a great deal of noise at their inputs during the
transition from latching to tracking. In the flash architecture of Figure 6.4,
this noise sees different impedances at the input terminal and at the ladder
taps, and hence produces a differential error. In high-speed applications; if
this noise does not decay to sufficiently small levels from one cycle to the
next, the analog input at the sampling instant is corrupted. The error result-
ing from this noise is proportional to the square of the number of compara-
tors.
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6.3.4 Sparkles in Thermometer Code

An important effect resulting from the lack of a SHA in flash ADCs is the
so-called sparkles (or bubbles) in the thermometer code [13]. The mechanism
leading to this effect is illustrated in Figure 6.12, where a fast-varying signal is
applied to a flash converter. Suppose comparators Aj and A;.; are notexactly
identical. For example, suppose the actual strobing instant of A; is slightly
earlier than that of Aj41; i.e., Aj switches from tracking to latching at ¢;, while
Aj41 does soatr,. If the analog input varies by more than V.., —V; between
and t5, A; senses a level less than V; att; and A;,; alevel greater than V1 at
t2. Asaconsequence, A; generates a ZERO at its output, while A produces
a ONE. Called a “sparkle”, the out-of-sequence ZERO at the output of A; not
only degrades the signal-to-noise ratjo-of the sampled waveform but, more
importantly, presents potential problems in subsequent thermometer-binary
decoding as well. The SNR degrades because the thermometer code is not an
accurate representative of the sampled waveform whereas decoding becomes
more difficult because some of the common decoding topologies produce
gross errors in the presence of sparkles.

EE *-— J—- A]+2 0
V]+2
1 | Al+1 Sampled by A,
:: 1
Vi+1 >-
+ N
V = y 0
= A1 Sampled by A
= 4 -I—- 1 P Yy Aj
Vi-1
(@) ®)

Fig. 6.12 Generation of sparkles in the thermometer code.
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As an example, consider the thermometer-binary decoder in Figure 6.13,
where a 1-of-n decoder is followed by a ROM. The 1-of-n decoder consists
of two-input NAND gates that sense every two consecutive bits of the ther-
mometer code, generating a ZERO if both are ZERO or both are ONE, and
a ONE if the upper bit is ZERO and the lower bit is ONE. In the presence of

a sparkle, two of the NAND gates produce ONEs at their outputs, activating

two rows of the ROM simultaneously. In a standard ROM structure, this may
result in a large error in the binary output. For example, if the two rows cor-
respond to binary outputs 0111 and 1001, then the final output will be 1111,
approximately one-half of full-scale away from the true value.

Binary Output
1-of-n Code . : . .
0 —4
a1 T
— "L al
p

1 —4

Thermometer Code
[y
k'g

Fig. 6.13 Thermometer-binary decoder with a sparkle error.

The sparkle illustrated in Figure 6.12 is but a simple example. In prac-
tice, for high slew rate inputs several consecutive comparators may exhibit
mismatches in their sampling instants such that multiple sparkles occur in the
thermometer code. ]

The above discussion also indicates that if the dc offset of comparators
Aj and A4, in Figure 6.12(a) is sufficiently large, then a similar error can
occur. Nonetheless, comparators are usually designed so that their dc offset
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is much less than 1 LSB. As a result, sparkles arc predominantly caused by
timing mismatch among comparators.

Various circuit techniques have been devised to suppress the effect of
sparkles [13, 14]. In a simple approach, the decoding that follows the thet-
mometer code senses more than two consecutive bits of this code so as to detect
sparkles. Shown in Figure 6.14 is an example where three-input NAND gates
perform a first-order correction, generating a true 1-of-n code if the thermome-
ter code has only one sparkle. More sophisticated methods are described in
[13, 14, 15].

—

4

JV
D00

-
o

VAVAY/

Fig. 6.14 Correction of sparkle in a
thermometer code.

6.3.5 Metastability

Since flash architectures employ comparators, they are susceptible to
metastability errors [16]. As explained in Chapter 7, metastability oceurs
when the difference at the input of a comparator is small, making the circuit
take a long time to produce a well-defined logic output. If the instantaneous
value of the input signal to a flash ADC is close to the reference voltage of
one of the comparators, that comparator will have an indeterminate output for
a long time, possibly causing an erroneous digital output for that particular
conversion. i
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As an example, consider the decoding circuit in Figure 6.15, where
comparator A; is metastable. NAND gates G; and G j+1 sense the output
of this comparator and are to provide logic levels for two rows of the ROM,
corresponding to binary outputs 0111 and 1000, respectively. If the output of
Aj is indeterminate, it is possible that G; interprets it as ZERO while Gj+1
interprets it as ONE, thus causing the ROM to generate a binary output of *
1111 and hence a gross error in the digital output.
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55 . _J- 0 Binary Output
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Yy

LA 1olgls
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EXXX:.

Fig. 6.15 Metastability in a flash ADC,

<
A
— —

Note that when metastability occurs, the final logical value of the meta-
stable comparator output is not critical; i.e., it can be either ZERO or ONE
because the difference between the analo g input and the comparator reference
voltage is very small. However, itis the tardiness of the comparatorinreaching
a logical value that causes substantial errors.

From the example in Figure 6.15, we can see that if a metastable level
is applied to more than one gate at the same time (i.e., if it “splits™), it can be
interpreted differently by different gates and hence introduce large errors, but
so long as it is sensed by only one input, it is likely to approach correct logic
levels.

In order to lower the probability of metastable states, the thermometer-
binary decoding can be pipelined so that potentially indeterminate outputs
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are allowed more regeneration time. This is of course possible only if each
potentially metastable level is sensed by no more than one input, an unsur-
mountable issue in the decoder of Figure 6.15. A simple but power-consuming
approach would be to follow each comparator with more latches to allow a
longer regeneration time for the thermometer code. A more efficient tech-
nique employs Gray coding as an intermediate step between the thermometer
and binary codes. This is discussed in Section 6.3.8.

6.3.6 Slew-Dependent Sampling Point

Another type of error in the presence of fast-varying analog inputs is
slew-dependent sampling instant of comparators [12]. This error is due to the
finite switching time from tracking to latching. We illustrate this effect using
Figure 6.16, where a simple comparator is shown along with its waveforms.
Atr =1, CK goes high to switch the circuit from tracking to latching. As
the latch turns on, it begins to amplify the initial differential voltage at nodes
X and Y regeneratively, while the input differential pair begins to turn off.
From the time the latch begins to turn on until the time the input pair turns
off completely, the input signal can still influence Vxy through Q; and Q5.
For example, as depicted in Figure 6.16(b), if the input signal varies slowly,
although the polarity of Vj, — V, changes after ¢ = ¢, the effect is not strong
enough to override the polarity of Vxy. On the other hand, as shown in
Figure 6.16(c), if Vi, — V, changes rapidly, it can reverse the polarity of Vyy
and generate a different logic output. This phenomenon can be viewed as a
variation in the sampling instant of the comparator as a function of the input
slew rate and introduces odd harmonics because it occurs for both negative
and positive slopes [12].

The above error can be lowered by making the clock transition rates
sufficiently higher than the maximum slew rate of the analog input. On a
large chip, this requires careful distribution and buffering of the clock(s) with
particular attention to their loading.

6.3.7 Clock Jitter and Dispersion

As explained in Chapter 2, all sampling circuits suffer from SNR degra-
dation as the jitter of the sampling command increases, a particularly critical
issue when the analog input has high slew rates. Flash (and other types of)
ADCs are no exception because they incorporate sampling.

To arrive at a simple relation between maximum tolerable jitter and an
ADC’s speed and resolution, we can say that jitter has negligible effect on
the overall SNR if the analog input varies by less than 1 LSB' during jitter-
induced time deviation of the sampling point. Thus, for a full-scale analog
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Fig.6.16 (a) A bipolar comparator with (b) low and (c) high slew rate inputs.

input Vi, = Asin2nft, whose maximum rate of change is equal to 27 f A,
the above condition can be expressed as

3\231']" Ar < 1LSB (6.13)
2A
< o (6.14)

where At represents the clock jitter and m is the converter’s resolution. It
follows that

1
wfam’

Al < (6.15)
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In Nyquist-rate converters, f approaches half of the ADC conversion speed.
This result is only a rough estimate, but it allows a quick calculation of jitter
requirements.

The distributed nature of sampling in flash converters gives rise to a
unique timing problem that does not exist in architectures with a single front-
end sample-and-hold amplifier. Since the analog signal and the clock must
travel long distances on a large ADC chip, they experience different delays
due to different loading [16]. Furthermore, even with identical loading, the
clock waveform—ideally a square wave—changes (is “dispersed”) as its tran-
sitions are slowed down by the distributed resistance and capacitance of in-
terconnects. Thus, the exact time difference between the analog signal and
the clock edge varies from one side of the chip to the other, causing harmonic
distortion in the sampled waveform.

6.3.8 Gray Encoding

Two of the potential errors in flash converters, namely, metastability
and sparkles, can be suppressed using Gray encoding as an intermediate step
between thermometer and binary codes. The probability of metastable states
can be lowered because in Gray encoding no signal is applied to more than one
input, allowing the use of pipelining to increase the time for regeneration. The
effect of sparkles is reduced because the accuracy of the Gray code degrades
very gradually as more sparkles appear in the thermometer code.

We illustrate these points with the aid of a 3-bit example, depicted in
Figure 6.17. From the correspondence shown here we note that the Gray code
output G3 GG can be expressed in terms of the thermometer code as follows:

Gy =THG+TshH (6.16)
G, =TT 6.17)
Gy = Tu. (6.18)

The key point in these equations is that each T; appears in only one expression
and hence no signals in the logic split. As a result, metastable errors can be
reduced by pipelining the encoding, for example, as shown in Figure 6.18.
Note that, for resolutions of 4 bits and above, the number of latches decreases
by roughly a factor of 2 after every level of logic.

To see the robustness of Gray encoding with respect to sparkles, consider
the cases illustrated in Figure 6.19. We note that while the number of sparkles
increases, the Gray output remains fairly close to the top of the thermometer
code, providing a reasonable approximation of the sampled value.

The performance of flash converters is determined primarily by that of
their constituent comparators. Thus, the realizability of this architecture in a
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Thermometer Gray Binary
ML 5T T,|GsG, G| ABC
000000CO0j0 0O [OO0O
10000000 O 1 001
11000000 11 {010
1110000(0 10|01 ;
1111000(1 101|100
11111001 11 101
1111110(101 110
1111111{1 00 |1 11

Fig. 6.17 Correspondence among thermometer, Gray, and binary codes.
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Fig. 6.18 Gray encoding with pipelining.

Thermometer Gray Equivalent
Code Code Decimal Output
No Sparkie: 111111111111100 1011 13
One Sparkle: 111111111111010 1000 15
Two Sparkles: 111111111111001 1010 12

Fig. 6.19 Gray encoding in the presence of sparkles.

given technology depends on the speed and accuracy with which comparisons

_can be performed. As aresult, the high speed and superior matching of bipolar

transistors have made them the dominant technology for flash ADCs. CMOS
deviges, with their low transconductance and large mismatch, have not yet
provided a competing performance. Nonetheless, high-speed CMOS ADCs
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are still in demand because they can be integrated ina CMOS signal processing
environment [6].

6.4 TWO-STEP ARCHITECTURES

The exponential growth of power, area, and input capacitance of flash convert-
ers as a function of resolution makes them impractical for resolutions above 8
bits, calling for other topologies that provide a more relaxed trade-off among
these parameters. Two-step architectures trade speed for power, area, and
input capacitance.

In a two-step ADC, first a coarse analog estimate of the input is ob-
tained to yield a small voltage range around the input level. Subsequently,
the input level is determined with higher precision within this range. Fig-
ure 6.20 illustrates a two-step architecture consisting of a front-end SHA, a
coarse flash ADC stage, a DAC, a subtractor, and a fine flash ADC stage. We
describe its operation using the timing diagram shown in the same figure and
the waveforms of Figure 6.21.

0,
Coarse _ X+ Fine
Vino—=] SHA +| Flash {»¢=»{ DAC —>c> = Flash
A | apoc 8 ADC
'—T——j MSBs - LSBs
@,
. Coarse A/D Conversion
D4 Sampling D/A Conversion
Subtraction
@ Fine A/D Conversion
2
t ty t

Fig. 6.20 Two-step ADC architecture.

Fort < 1, the SHA tracks the analog input. At¢ = #;,the SHA enters the
hold mode and the first flash stage is strobed to perform the coarse conversion.
The first stage then provides a digital estimate of the signal held by the SHA
(V4), and the DAC converts this estimate to an analog signal (Vp), which is
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a coarse approximation of the SHA output. Next, the subtractor génerates an
output equal to the difference between V,, and Vg (Vc, called the “residue”),
which is subsequently digitized by the fine ADC.

Fig. 6.21 Internal waveforms of the
ADC of Figure 6.20,

If each of the two flash stages resolves m /2 bits, the digital output is an
m-bit representation of the analog input. In practice, other combinations such
as (m/2+ 1, m/2 — 1) may be used for the two stages. Also, as discussed in
Chapter 8, if digital correction is employed, some redundancy is added to one
of the flash stages; i.c., the sum of their resolutions is slightly greater than .

The front-end SHA plays a crucial role in the performance of two-step
ADCs. Without the SHA, the maximum allowable slew rate of the input signal
is severely limited. This occurs because if the analog input varies rapidly in
the conversion mode, then the signal level digitized by the first stage is not
equal to that sensed by the subtractor immediately before fine conversion.
Figure 6.22 illustrates this timing issue, which fundamentally arises from
the nonzero delay of the first stage and the DAC., For error-free conversion,
AV < 1 LSB. To quantify the resulting limitation, we assume a full-scale
input Vi, = Asin2x f1. If the analog estimate, V3, settles to its proper value
T; seconds after the first stage is strobed (i.e., Ty = #; — t;), then the analog
input must vary by less than 1 LSB during 7. Since the maximum slew rate
of the input is equal to 27t f A, we have

2nfAT; < 1LSB (6.19)
24
< S (6.20)

In a typical case, Ty is roughly one-fourth of the-total conversion period,
T4 = 1/(4 fs), where fs is the conversion rate, and hence

fs

2m=-2"

f< 6.21)
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The limitation imposed by (6.21) is substantially tighter than its theoretical
counterpart in a Nyquist converter (f < fs/2). For this reason, two-step
architectures usually require a front-end sample-and-hold amplifier.

Analogi
Input Level b
sense
------------------- 'A/ subtracto‘l"
AV i Level
: digitized bx'
""" d i coarse AD
ty ty t

Fig. 6.22 Timing issue in the absence of front-end SHA in a two-step ADC.

The above discussion also reveals another timing issue in the presence
of SHASs: since the output of a typical SHA takes a finite time to settle after
the transition from the sampling to the hold mode, the coarse conversion
cannot begin immediately after that transition if the subtractor is to sense
the same level. Figure 6.23 repeats the timing diagram of Figure 6.21 with
more realistic waveforms. We note that if the coarse conversion occurs at
t = t1, then the level digitized by the coarse stage substantially deviates from
that sensed by the subtractor before the fine conversion. A simple way of
avoiding this error is to begin the coarse conversion only after the SHA output
has settled to within 0.5 LSB of its final value. Of course, during this time
the ADC is idle, i.e., the conversion time increases by the SHA hold settling
time. A better approach is to strobe the first stage before complete settling
and correct the error digitally, a subject discussed in Chapter 8.

Track Hold
k|

»  Fig.6.23 Realistic internal waveforms
t of the ADC in Figure 6.21.

In addition to this problem, the front-end SHA raises other concerns
that do not exist in full-flash converters. The linearity and dynamic range of
the SHA directly affect those of the overall system, while the speed-precision
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trade-offs described in Chapters 2 and 3 limit the conversion rate. Further-
more, the input capacitance and kickback noise of the coarse stage compara-
tors degrade the SHA output settling behavior.

It is instructive to compare the sequence of operations in full-flash and
two-step architectures (Figure 6.24). In the former type, the comparators
track the input signal for approximately half of the clock cycle and perform,
the conversion in the other half. In the latter, while the SHA tracks the input,
the rest of the system is idle (with the exception of circuits that perform offset
cancellation or linearity calibration during this time). After the SHA goes
into the hold mode, coarse A/D conversion, interstage D/A conversion and
subtraction, and fine A/D conversion must be carried out. This comparison
suggests a number of speed limitations in two-step architectures that do not
exist in flash converters. First, the front-end SHA is typically much slower
than a comparator, i.e., requires longer tracking and hold periods. Second,
several operations must be performed in the conversion period, each of which
entails speed-precision trade-offs. Even though the coarse conversion can be
as fast as a flash ADC, the DAC output must settle sufficiently close to its
final value, and the subtractor and fine converter require additional time.

Flash _  Sampling; Conversion
Architecture } >
t t
Coarse Fine
! A/D . D/IA ' :  ADD
Two-Step * Sampling : Conversion ;| Conversion : Subtraction ;| Conversion
Architecture t + + ; -

t1 t: t 3 f4 t
Fig. 6.24 Comparison of timing in flash and two-step architectures.

Another issue relates to the interface between the subtractor and the
fine stage. If this interface does not entail any amplification, the input to
the fine stage is equal to the difference between the SHA output and the
DAC output, thus demanding a resolution better than 1 LSB in the fine stage.
Since two-step architectures are usually used for resolutions of 10 bits and
above, this implies that the comparators in the fine stage must correctly re-
solve small voltages. On the other hand, if the subtractor is followed by
an amplifier of gain A, the resolution required of the fine stage is relaxed
by the same factor. While easing the design of comparators, this amplifier
now adds a finite delay to the conversion period and contributes nonlinear-
ity. More importantly, since the fine ADC must compare the amplifier out-
put against a set of reference voltages, the gain A must be well-controlled
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so that the full-scale output of the subtractor matches the full-scale refer-
ence voltage of the second stage. This issue is discussed in more detail
later.

The presence of the DAC and the subtractor in the critical signal path im-
plies that their linearity must be commensurate with that of the overall system,
while their speed must be as high as possible. These requirements have moti-
vated the invention of various circuit techniques to improve the performance
of these functions in two-step architectures [7, 8, 29].

While the front-end SHA in a two-step ADC suppresses many of the
timing inaccuracies often present in converters that have no SHA, it still
cannot avoid one type of error: metastability. If the SHA output voltage is
very close to the reference voltage of one of the coarse stage comparators,
then that comparator will have an indeterminate logical output for a long time.
Depending on the type of subsequent decoding and the interstage DAC, this
error may severely corrupt the analog estimate produced by the DAC, hence
introducing large errors in the overall digital output. As an example, consider
a section of a 10-bit two-step ADC as depicted in Figure 6.25, where the
coarse stage directly drives a segmented current-steering DAC (/g R = 32
LSB). If comparator A; is metastable, then its differential output is small and
the differential pair Q- Q3 steers only half of /£ to the DAC output node, X.
As a result, Vy deviates from its ideal value (V;) by approximately 16 LSB.
The subtractor generates the difference between Vi, and Vx, and the fine stage
digitizes this difference. Thus, an error of 16 LSB appears in the fine stage
output and hence in the overall ADC output (assuming the first stage produces
a correct digital output).

5-Bit Segmented .
Coarse ADC DAC = Subtractor
Vin = =R
? Vln
+ To
5-Bit
] % - Fine Stage

Fig. 6.25 Section of a 10-bit two-step ADC.
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6.4.1 Effect of Nonidealities

We now study the effect of various nonidealities on the input/output
characteristics of two-step converters. The following analysis provides more
insight into the behavior of such converters and can also be used for other
multistep architectures. Without loss of generality, we assume that each stage
resolves 5 bits. v

Consider the ADC of Figure 6.20. The input/output transfer charac-
teristic of the coarse stage is shown in Figure 6.26, where the vertical axis
represents the analog equivalent of the digital output. In the ideal case, all the
code transitions occur at integer multiples of 32 LSB and the output values
follow a straight line through the origin with a unity slope. In reality, the
characteristic exhibits gain error (a slope different from unity), DNL (code
transitions at values other than integer multiples of 32 LSB), INL (output
values that do not follow a straight line), and offset (vertical shift).

A
Digital
Output

(a)

[
Digital
Output

®

Fig. 6.26 Input/output characteristic of coarse stage of a two-step ADC. (a)
Ideal; (b) actual.
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In order to obtain a better view of these effects, the concept of the quanti-
zation error plot (Section 6.1) can be generalized to a residue plot wherein the
difference between the actual and ideal characteristics is depicted as a function
of the input (Figure 6.27). In a residue plot, gain error appears as peaks that
follow a nonhorizontal straight line, DNL as shifted transition points, INL as
peaks that do not follow a straight line, and offset as a vertical shift [Figure
6.27(b)1.

Residue

Residue |

)

Fig. 6.27 Residue plot derived from characteristic of Figure 6,26. (a) Ideal;
(b) including errors.

In a two-step ADC, the residue characteristic can be studied at three
different interfaces: the output of the coarse stage, the output of the DAC, and
the output of the subtractor. The nonidealities introduced by each of these
stages influence the residue, hence demanding a careful allocation of errors
$0 as to maintain the overall DNL and INL below 0.5 LSB.

If the coarse fiash stage employs a resistor ladder to subdivide the ref-
erence, gain error in that stage is zero because the end points of the transfer
characteristic are defined by the voltages applied to the end points of the lad-
der. However, DNL, INL, and offset still exist due to the offset of comparators
and mismatch of the ladder’s resistors.

The interstage DAC may introduce DNL, INL, gain error, and offset in
the residue. Resistor ladder and current-steering DACs exhibit DNL, INL,
and gain error (if their full-scale range is not exactly equal to that of the
second stage). In capacitor DACs, all four errors may exist because precharge
switches induce offset at the output as well (Chapter 4). '
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The interstage subtractor introduces offset and gain error in the residue
signal. The latter is particularly important because it leads to DNL in the
overall converter. Consider the residue plot of Figure 6.28, where the output
of a typical subtractor with a gain slightly less than unity is shown. If V,, is
slightly less than Vj, then the subtractor produces an output equal to 30 LSB
(rather than 32 LSB). The second stage digitizes this difference, and the resylt .
is added to the output of the first stage, V;_;. On the otherhand, if V,, is slightly
greater than V;, the subtractor output is nearly zero and the overall output is
equal to V; (= V-1 + 32 LSB). Thus, the overall input/output characteristic
exhibits an unwanted jump at V,, = V; [Figure 6.28(b)], making it impossible
for the ADC to generate a digital output corresponding to Vi-1 + 31 LSB.
This is called a “missing code.”

Subtractor I\

Output
32LSB
30Ls8 “ooa

Vin
ADC ‘} ADC
Output Output
Vi Vin v Vin
(b) ©
Fig. 628 (a) Subtractor output in a two-step ADC; (b) missing code; (c)

nonmonotonicity.

It can be easily shown that if the subtractor gain is greater than its ideal
value, then the ADC exhibits nonmonotonicity rather than missing codes
[Figure 6.28(c)).
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The above discussion shows that missing codes and nonmonotonicity
are avoided if the subtractor full-scale output matches the second-stage full-
scale input, i.e., if the second-stage full-scale reference experiences th? same
gain error as does the subtractor. This can be accomplished by passing the
second-stage full-scale reference through a circuit replicated from the sub-
tractor [9, 29]-

6.4.2 Two-Step Recycling Architecture

A two-step ADC need not employ two separate flash stages to perform
the coarse and fine conversions; one stage can be used for both. Called the “re-
cycling architecture” [17], such a topology is illustrated in Figure 6.29. Here,
during the coarse conversion the flash stage senses the front-end SHA output,
V4, and generates the coarse digital output. This output is then converted to
analog by the DAC and subtracted from V4 by the subtractor. During fine
conversion, the subtractor output is digitized by the flash stage. Note that in
this phase, the ADC full-scale voltage must be equal to that of the subtractor
output. Thus, for proper fine conversion, either the ADC reference voltage
must be reduced or the residue must be amplified.

Flash i

Vj T

Digital
Output

Fig. 6.29 Recycling ADC architecture.

While reducing area and power dissipation by roughly a factor of 2 rel-
ative to two-stage ADCs, recycling converters suffer from other limitations.
The converter must now employ either low-offset comparators (if the sub-
tractor has a gain of 1), inevitably slowing down the coarse conversion, or a
high-gain subtractor, thereby increasing the interstage delay. This is in con-
trast with two-stage ADCs, where the coarse stage comparators need not have
a high resolution and hence can operate faster.
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6.4.3 Two-Step Subranging Architecture

A variant of two-step architectures that does not require an explicit sub-
tractor is the subranging topology [10]. In this architecture, the coarse stage
identifies and subdivides a reference voltage range around the input voltage,
and the fine stage compares the input against this new set of references. The

subranging technique can be explained using the characteristics shown in Fig-

ure 6.30. Again, we assume a 10-bit converter having two 5-bit flash stages.
Plotted in Figure 6.30(a) is the output of the interstage DAC in ‘an ideal two-
step ADC as a function of the analog input. The estimate generated by the
DAC must be subtracted from the input to produce a residue for fine quanti-
zation. Now, suppose the DAC can provide two different outputs, one shifted
up by 32 LSB with respect to the other, as illustrated in Figure 6.30(b). Then,
the input signal is always greater than Vp; and less than Vp,, and if the differ-
ence between Vpy and Vp; is subdivided by 32, a set of 32 reference voltages
around the input signal will be provided. The fine stage can therefore compare

the input against these reference voltages and determine the least significant
bits.

} |
DAC DAC
Output Output
vy, W
b 32 +

N LSB N

- - N\, ;

32LSB Vin 1 Vin

(@) (b)

Fig. 6.30 (a) Output of interstage DAC in an ideal two-step ADC; (b) DAC
outputs in a subranging architecture.

The subranging téchnique can be easily implemented using resistor-
ladder DACs [10, 11]. Shown in Figure 6.31 is an example where two resistor
ladders perform the subranging function. The first ladder divides the main ref-

‘erence by 32, providing segments of 32 LSB between consecutive taps. The

1-of-n code generated by the coarse stage turns on two switches connected
to two consecutive taps of this ladder, thereby establishing their voltages at
nodes X and Y. Buffers B and B; provide a low driving impedance for the
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second ladder, which subdivides Vpz — Vpy by another factor of 32 and hence
produces 32 references around V.

4 oﬂ‘f& "\‘ NP

i »(/
5-Bit 1-of-n q}SSubranglng 5-Bit -

[}
Coarse Stage Code Fine Stage( @M\N‘ B

Vil ¥

Network

Vin

-]

Fig. 6.31 Section of a 10-bit subranging ADC architecture. 3}5‘_’“" ““’*:f o
s MES

While avoiding the difficulties associated with subtractor design, the
subranging architecture suffers from two drawbacks. First, its interstage pro-
cessing is slow because, as discussed in Chapter 4, resistor-ladder DACs
generally exhibit long settling times. Second, the fine stage comparators
must operate across the full common-mode range of the input signal while
maintaining a constant, small input offset. In two-step architectures using
subtractors, on the other hand, the input common-mode level of the second
stage is fixed by the subtractor.

In a typical two-step ADC, it is possible to use the reference ladder of the
coarse stage as the interstage D/A converter as well [18]. While saving area
and power dissipation, this approach may cause the kickback noise generated
by the coarse stage comparators to corrupt the sensitive output of the DAC,
thus mandating longer settling times.

6.5 INTERPOLATIVE AND FOLDING
ARCHITECTURES

The large input capacitance, high power dissipation, stringent timing require-
ments, and large area of full-flash architectures prohibit their use in many
applications. A number of circuit techniques have been proposed to alleviate
these problems while maintaining the “one-step” nature of the architecture,
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i.e., without adding sample-and-hold circuits to the ADC. Among these tech-
niques, interpolation and folding have proved quite beneficial. While applied
predominantly to bipolar circuits, these concepts have recently been used in
CMOS technology as well [19, 20].

6.5.1 Interpolation

In order to reduce the number of preamplifiers at the input of a flash
ADC, the difference between the analog input and each reference voltage can
be quantized at the output of each preamplifier. This is possible because of the
finite gain—and hence nonzero linear input range—of typical preamplifiers
used as the front end of comparators.

We illustrate this concept by means of Figure 6.32. In Figure 6.32(a),
preamplifiers A; and A, compare the analog input with V;; and V,,, respec-
tively. In Figure 6.32(b), the input/output characteristics of A; and A, are
shown. Assuming zero offset for both preamplifiers, we note that Vy| = Vyi
if Vin = Vi, and Vyxp = Vi if Vi, = V. More importantly, Vx, = Vy, if
Vio = Vin = (Vs1 + V2)/2; i.e., the polarity of the difference between Vxa
and Vy, is the same as that of the difference between Vin and V,,.

Vin

AAA
Yy

Fig. 6.32 Interpolation between outputs of two amplifiers.

The above observation indicates that the equivalent resolution of a flash
stage can be increased by “interpolating” between the outputs of preamplifiers.
For example, Figure 6.33 shows how an additional latch detects the polarity
of the difference between single-ended outputs of two adjacent preamplifiers
{21]. Note that in contrast with a simple flash stage, this approach halves the
number of preamplifiers but maintains the same number of latches.

The interpolation technique of Figure 6.33 substantially reduces the
input capacitance, power dissipation, and area of flash converters, while pre-
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Fig. 6.33 Interpolation in a flash ADC.

serving the one-step nature of the architecture. This is possible because all
of the signals arrive at the input of the latches simultaneously and hence can
be captured on one clock edge. Since this configuration doubles the effective
resolution, we say it has an interpolation factor of 2.

Another interesting property that accompanies this interpolation tech-
nique is the improved differential nonlinearity due to distribution of errors [21,
23]. Figure 6.34 illustrates this point by comparing the effect of a 1-LSB offset
in full-flash and in interpolative architectures. While in the first case [Figure
6.34(a)] the offset gives rise to a DNL = 1 LSB (as well as a missing code), in
the second case [Figure 6.34(b)] it yields a maximum DNL of only 0.5 LSB.

|
Digital |

N )
Digital | yyicqing Output

Output| "= 4o

-

Vin : Vin
(@ (b)

Fig. 6.34 Differential nonlinearity in (a) flash and (b) interpolative convert-
ers.

The above interpolation approach is possible only Becguse thg frogt—
end preamplifiers of comparators have a finite gain. To investigate this point
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further, let us consider the difference between Vy; and Vy; in Figure 6.32,
Plotted in Figure 6.35 is this difference for several values of V,s — V,;. As
Vr2 = V,1 exceeds the range across which each preamplifier exhibits a nonzero
gain, a “dead band” appears around V;, = (V,; -+ V,,)/2 where the gain is
quite small and Vy; = Vy3. If the analog input level falls in this band, then
Vx2 — Vyi may not be sufficient to overcome the offset of the following .

latch, thereby yielding incorrect polarity for the difference between V;, and
(V1 + Via)/2.

svessgurnecesce

Vxs

Vyy o

sssevensootonvaaa... ‘

Fig. 6.35 Interpolation with different values of V,; — V.

In reality, the transition of input/output characteristics from high gain to
low gain is not as abrupt as indicated in Figure 6.35. If the preamplifiers are
implemented as bipolar differential pairs, then the dead band begins to appear
when V,3 — V, exceeds approximately 5kT /q. If a wider range is required,
each differential pair can incorporate emitter degeneration.
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The concept of interpolation can be extended so as to produce more
quantization levels between every two consecutive reference voltages in a flash
converter, further reducing the number of input preamplifiers. For example,
consider the circuit of Figure 6.36(a), where the outputs of two preamplifiers
are interpolated using two uniform resistor strings {22, 23]. As illustrated in
Figure 6.36(b), since the input/output characteristics of the two preamplifiers
are offset by V2 — V,1, as Vi, goes from below V;| to above V2, the differential
output voltages Vo, ..., Vos cross zero at Vi, = Vi1 + k(V,2 — V;1)/4, for
k=0,...,4, respectively. Thus, if latches are used to detect the polarity of
Vo1, ..., Vos, this configuration provides an interpolation factor of 4. Note
that the number of latches is still the same as in a full-flash architecture and
V;2 — V;1 has the same upper bound (to avoid dead bands) as described above.
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)
Fig. 6.36 Higher order interpolation. (a) Implementation; (b) input/output

characteristics.

The technique of Figure 6.36(a) must deal with several design issues
that limit the interpolation factor. First, the resistor strings and the input

1w
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capacitance of the following latches introduce a time constant in the signal
path, thereby reducing the bandwidth. This reduction is proportional to the
square of the interpolation factor and hence becomes substantial if this factor
exceeds ~ 4. Second, in the circuit of Figure 6.36(a), as Vo and Vs vary, the
bias current of emitter followers that drive the resistor strings also varies, thus
changing their base-emitter voltage and causing nonuniformity between zero-
crossing points of the output voltages. This nonuniformity is equivalent to ’

_differential nonlinearity when referred to the input. Note that the first problem
can bé";g\l}&viated by reducing the value of interpolation resistors, but at the
cost of exaceibating the second problem or increasing the power dissipation.

The nonlinearity error described above decreases markedly if a large
number of amplifiers are used in the interpolation [23]. Asillustrated in Figure
6.37, most of the current flowing through the resistor strings is provided by
the amplifiers whose reference voltage is far from the input voltage. Thus, the
amplifiers whose reference voltage is close to the input level need not provide
the resistor string current. In order to create this effect at the two ends of the
interpolation array, a few dummy preamplifiers and interpolation resistors can
be added to both ends [23)].

b

i

Fig. 6.37 Resistor string current in an
interpolative ADC.

Interpolation techniques can also be applied to the design of CMOS
ADCs. Since, as explained in Chapter 7, simple CMOS differential pairs
suffer from large offset and small gain, the interpolation scheme is better
implemented using autozeroed amplifiers and capacitors.

Hlustrated in Figure 6.38 is an interpolative architecture employing au-
tozeroed CMOS inverters as amplifiers [20]. The circuit has two modes of
operation. In the sampling/reset mode, feedback switches Ss and Sg are on,
driving the inverters into their high-gain region, and sampling switches S; and
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S3 are also on, allowing the analog input to be sampled on C; and C. At the
end of the sampling mode, i, S3, Ss, and Sg turn off and S; and Sy tumn on,
thereby changing the voltage at nodes X; and X3 by Viy — V1 and Vi, — Vi3,
respectively. This voltage change is amplified by each inverter and combined
with adjacent ones by the interpolation capacitors, yielding an interpolation
factor of 2. In practice, the sampling and evaluation modes can be pipelined
so as to increase the conversion rate [20].

% ’
E > 33 c J—
1»—-——-—-”—-—4 Vo2
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Vrq og o—- X =
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Fig. 638 Interpolation in a CMOS ADC.

6.5.2 Folding Architectures

- Folding architectures have evolved from flash and two-step topologies.
As explained in Section 6.3, flash architectures provide a one-step operation
with no need for analog postprocessing, but they suffer from large input ca-
pacitance, large power dissipation, and severe timing problems as speed and
resolution increase. Two-step architectures, on the other hand, have much
less hardware but require a front-end sample-and-hold circuit as well as ana-
log postprocessing. Folding architectures perform analog preprocessing to
reduce the hardware while maintaining the one-step nature of flash architec-
tures.

The basic principle in folding is to generate a residue voltage through
analog preprocessing and subsequently digitize that residue to obtain the least
significant bits. The most significant bits can be resolved using a coarse flash
stage that operates in parallel with the folding circuit and hence samples the
signal at approximately the same time that the residue is sampled. Figure 6.39
‘depicts the generation of residue in two-step and folding architectures. In a
two-step architecture, coarse A/D conversion, interstage D/A conversion, and
subtraction must be completed before the proper residue becomes available.
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In contrast, folding architectures generate the residue “on the fly” using simple
wideband stages. :

 Vino—] SHA

Coarse
ADC DAC

N .
»ama Residue
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MSBs
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Fig.6.39 Generation of residue in (a) two-step and (b) folding architectures.

To illustrate the above principle, we first describe a simple, ideal ap-
proach to folding. Consider two amplifiers A; and 4, with the input/output
characteristics depicted in Figure 6.40(a). The active region of one amplifier is
centered around (V2 + V;1)/2 and that of the other around (V,3 + V;2)/2, and
Vr3 — Via = V;3 = V,1. Each amplifier has a gain of 1 in the active region and
0in the saturation region. If the outputs of the two amplifiers are summed, the
“folding” characteristic of Figure 6.40(b) results, yielding an output equal to
Vin—VrforVy < Vi, < Vipand -V, + Vo +Afor Vg < Vi, < V,3, where
A is the value of the summed characteristics at Vi, = V,,. If V,y, V3, and V3
are the reference voltages in an ADC, then these two regions can be viewed
as the residue characteristics of the ADC for V,; < Vi, < V,3. To understand
why, we compare this characteristic with that of a two-step architecture, as
shown in Figure 6.40(c). The two characteristics are similar except for a neg-
ative sign and a vertical shift in the folding output for V,; < V;, < V,3. Thus,
if the system accounts for the sign reversal and level shift, the folding output
can be used as the residue for fine digitization.

Shown in Figure 6.41 is an implementation of folding. Here, four dif-
ferential pairs process the difference between V,, and Vi, ..., V.4, and their
output currents are summed at nodes X and Y. Note that the outputs of adjacent
stages are added with opposite polarity; e.g., as V;, increases, Q; pulls node
X low while Q5 pulls node Y low. Current source Is shifts Vy down by IR.
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Fig. 6.40 (a) Input/output characteristics of two amplifiers; (b) sum of char-
acteristics in (a); (c) residue in a two-step ADC. _
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Fig. 6.41 Folding circuit.

To explain the operation of the circuit, we consider its input/output char-
acteristic, plotted in Figure 6.42. For Vi, well below V,;, Q-Q4 are off,
Qs-Qg are on, I; and I; flow through Re¢1, and 1y, I3, and Is flow through
Rca2. As V, increases, Q1 begins to turn on, while Q;-Q4 remain off (if
Vi1, ..., Vp4 are sufficiently far from each other). For V,, = V,{, Q; and Qs
share 1) equally, yielding Vx = Vy. As V;, exceeds V,| by several Vr, Qs
turns off, allowing Vx and Vy to reach Vi and Vinax, respectively. As Vi,
approaches V3, O begins to turn on and the circuit behaves in a similar man-
ner as before. Considering the differential output, Vy — Vy, we note that the
resulting characteristic exhibits folding points at (V,; + V;2)/2, (Via+ V;3)/2,
etc. As V;, goes from below V) to above V4, the slope of Vx — Vy changes
sign four times; hence we say the circuit has a folding factor of 4.
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Fig. 6.42 Folding characteristic of the circuit in Figure 6.41.

The simplicity and speed of folding circuits have made them quite popu-
larin A/D converters, particularly because they eliminate the need for sample-
and-hold amplifiers, D/A converters, and subtractors. Nevertheless, these
circuits suffer from several drawbacks that limit their use, especially for res-
olutions above 6 bits. We describe a number of these drawbacks here.

In the folding characteristic of Figure 6.42, if the input goes from zero
to full scale once, the output goes from Vg to Vigax four times; i.e., a folding
factor of » results.in a frequency multiplication by n. Thus, the bandwidth re-
quired of the folding circuit is n times that of the maximhum input frequency,
thereby imposing strong trade-offs among speed, gain, and power dissipa-
tion. As a consequence, in high-speed systems the folding factor is typically
between 2 and 4 [24].

Another property of the folding characteristic shown in Figure 6.42 is its
substantial nonlinearity. This can be better seen by comparing this character-
istic with an ideal folding relation as depicted in Figure 6.43. The deviation
of the actual characteristic from a straight line translates into differential non-
linearity and is plotted in the same figure. For a typical design, the maximum
deviation can be as high as several tens of millivolts, prohibiting the use of
simple folding even for resolutions as low as 8 bits.

The difference between V;; and V, ;41 in Figure 6.41 has significant
impact on the input/output characteristics. In analyzing the folding circuit of
Figure 6.41, we assumed that as V,, approaches V, -j» only the differential pair
having that reference switches while others retain the same state. This holds
only if Vy(j4+1y — V,; is sufficiently large. On the other hand, as with interpola-
tion, this difference cannot be arbitrarily large because a dead band with low
gain appears in the characteristic. The optimum difference is approximately
equal to SVr [22].

The nonlinearity errors in folding characteristics also depend on the
frequency of operation. At high speeds, the rate of change of signals be-
comes comparable with the intrinsic time constants of the circuit, thus causing
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Fig. 6.43 Nonlinearity resulting from folding.

“rounding” of the characteristic at the folding points and hence increasing the
nonlinearity.

Even though some converters solely based on the above folding tech-
nique have been designed {26, 27, 28], other methods have been devised so
as to exploit the features of folding without incurring excessive nonlinearity.
In particular, folding and interpolation can be combined to achieve efficient,
high-speed A/D conversion.

6.5.3 Folding with Interpolation

Before describing architectures that combine folding and interpolation,
we should make two important observations. First, in the folding characteris-
tic of Figure 6.42, the nonlinearity falls to zero at zero-crossing points. Thus,
if only these points are considered, the polarity of the difference between V;,
and V;; can be determined correctly. To resolve the lower bits, additional
zero-crossing points can be produced using interpolation [22]. Second, if the
folding circuit of Figure 6.41 is replicated and its reference voltages are shifted
by (Vr(j+1) — V) /2 [Figure 6.44(a)], then a second folding characteristic is
obtained as shown in Figure 6.44(b) [28]. We call the original characteristic
the “in-phase” (/) output and the second the “quadrature” (Q) output [29].
Note that in a fully differential implementation, the inverted versions of these
outputs (T and Q, respectively) are also available. For simplicity, we call each
of these characteristics a “folding signal.”

We now describe how I and @ outputs of a double-folding circuit can be
used in an interpolation network to generate additional zero-crossing points
corresponding to lower bits. Consider the circuit of Figure 6.45, where the
I and Q outputs of a folding circuit are applied to four emitter followers
and a resistor network, providing an interpolation factor of 2 by generating
additional differential voltages V,. and Viq. Note that the symmetry of the
interpolation network suppresses variation of Vgg of the emitter followers as
the input varies [29].
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The interpolation factor of the above circuit can be increased by increas-
ing the number of the interpolation resistors, but at the cost of increasing the
output time constant. In practice, interpolation factors as high as 8 have been
utilized [29]. '

It is interesting to note that while the idea of folding was originally con-
ceived to produce a residue signal whose amplitude could be finely digitl?ed
(as in a two-step architecture), the combination of folding and interpolation
extracts information only from zero-crossing points of the residue with little
concern about its amplitude. '

For interpolation factors greater than 2, the deviation of folding signals
from an ideal triangular waveform still introduces differential nonlinearity. As
shown in Figure 6.46 for an interpolation factor of 4, while the zero-cross'ing
points of V5,4 coincide with their ideal values, those of Vy/4 and V3,4 deylate
from their ideal values because the top (or bottom) portion of a folding signal
(where deviation from an ideal ramp is maximum) is linearly combined with
the middle portion of another folding signal (where deviation is minimum).

Viu Van

Vars

Fig. 6.4,6 "Dt;‘\?'.iation of interpolated zero crossings due to folding nonlinear-
Coity

The above observation may suggest that the DNL can be reduced if the
folding signals are brought closer together (i.e., the difference between V, j and
Vr(j+1) is reduced) because the intérpolation is then performed on the lu'xear
portions of the folding signals. However, this violates one of the assumptions
originally made in deriving the folding signals of Figure 6.42: when one
differential pair begins to turn on, its adjacent stages are not completely off
and contribute to the output variation [22]. Thus, the difference between V,;
and V,(j+1y must be chosen so as to minimize the overall DNL. Simulatior}s
indicate that this error reaches a minimum for V,(j.1) —~ V,; & 5Vr [22]. This
error can also be reduced by nonlinear interpolation [29], i.e., using unequal
resistors in the interpolation network.
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Several different implementations of folding and interpolation architec-
tures have been reported [22, 24, 29]. In addition to the circuit of Figure 6.41,
the topology shown in Figure 6.47 is frequently used. This circuit consists of
four differential pairs whose outputs are combined using four emitter follow-
ers. The two sets of interconnected emitter followers in essence constitute

two “analog wired-OR” circuits so that their outputs go high if the collector -

voltage of one of the differential pairs goes high. While in the folding cir-
cuit of Figure 6.41 several collectors are connected to the same node, thus
contributing substantial capacitance at that node, the circuit of Figure 6.47

does not suffer from this drawback and drives the summing node by emitter
followers.

1 Vout

0, Qg a, ag a, j::h a, 0,
Vln : Vr1 Vrz V3 Vr4

r

q;):, ' ﬁ:)t, ' q?" ' ?14

Fig. 6.47 Folding circuit with analog wired-OR.

A critical issue in folding ADCs is the timing error between the coarse
stage and the folding amplifier. Since these two circuits are inherently dif-
ferent, they introduce unequal delays in the analog signal, thus presenting
slightly different points of the input to the subsequent latches. As a result,
the coarse stage may “point” to the wrong cycle in the folding characteris-
tics. Various correction techniques are often utilized to eliminate this error
[24, 25]. ’

Folding architectures have been implemented primarily in bipolar tech-
nology. The small offset, high-speed switching, and exponential J-V charac-
teristics of bipolar transistors allow resolutions of 8 bits in inherently one-step
architectures, achieving conversion rates above 600 MHz [24]. In CMOS
technology, on the other hand, large offsets, low transconductance, and short-
channel effects make it difficult to achieve resolutions above approximately
6 bits without offset cancellation. For example, a CMOS interpolating ADC
built in a 1-xm technology requires an 8-V supply to maintain an LSB voltage
greater than the input offset of its constituent comparators [19].
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6.6 PIPELINED ARCHITECTURES

The concept of pipelining, often used in digital circuits, can also be applied in
the analog domain to achieve higher speed where several operations must be
performed serially. Figure 6.48 shows a general (analog or digital) pipelined
system. Here, each stage carries out an operation on a sample, provides the
output for the following sampler, and, once that sampler has acquired the
data, begins the same operation on the next sample. Thus, at any given time,
all the stages are processing different samples concurrently, and hence the
throughput rate depends only on the speed of each stage and the acquisition
time of the next sampler. (Note the analogy between a pipelined system and
an assembly line.)

input | Stage 1 |—=| Sampler |—| Stage 2 |- Sampler {—= + + + —»| Stage N

* Fig. 6.48 A pipelined system.

To arrive at a simple example of analog pipelining, consider a two-
step ADC where four operations, namely, coarse A/D conversion, interstage
D/A conversion, subtraction, and fine A/D conversion, must be performed
serially. As such, the ADC cannot begin to process the next sample until all
four operations are finished. Now, suppose a SHA is interposed between the
subtractor and the fine stage, as shown in Figure 6.49, so that the residue is
stored before fine conversion begins. Thus, the front-end SHA, the coarse
ADC, the interstage DAC, and the subtractor can start processing the next
sample while the fine ADC operates on the previous one, thereby allowing
potentially faster conversion. :

Pipelining can be employed even more extensively than described in the
above example. Shown in Figure 6.50 is a more general form of pipelined
ADCs. The architecture consists of N stages, each including a SHA, an ADC,
a DAC, a subtractor, and possibly an amplifier, with actual implementations
often combining two or more of these functions in one circuit. A typical
conversion proceeds as follows. The first stage samples and holds the analog
input, produces a k-bit digital estimate of the held input, converts this estimate
to analog, subtracts the result from the held input, and in some implementa-
tions amplifies the residue (by a power of 2). Next, the following stage in the
pipeline samples the (amplified) residue and performs the same sequence of
operations while the first stage begins processing the next sample. As every
stage incorporates a sample-and-hold function, the analog data is preserved,
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allowing different stages to process different samples concurrently. Thus,

th‘i1 conversion rate depends on the speed of only one stage, usually the front
end.




142 Analog-to-Digital Converter Architectures ~ Chap. 6

While the concurrent operation of pipelined converters makes them at-
tractive for high speeds, their extensive linear processing of the analog input
relies heavily on operational amplifiers, which are relatively slow building
blocks in analog design. The maximum allowable gain error and nonlinear-
ity of the SHA and residue amplifier in each stage is commensurate with
the number of bits resolved afterward and must be maintained well below 1
LSB in the first few stages, thus mandating the use of high-gain op amps in
high-resolution converters. Single-supply op amp designs with such gains
and large output swings suffer from slew rate and phase margin degradation.

The number of bits resolved in each stage and hence the number of stages
of a pipelined ADC depend on various considerations such as overall resolu-
tion, speed, and technology. Practical implementations vary from cascaded
flash stages to 1-bit-per-stage topologies [30, 31), each of which has its own
merits and drawbacks.

While flash stages relax the linearity and gain requirements of the fol-
lowing SHASs by the number of bits they resolve, they also necessitate the use
of explicit, precise D/A converters. On the other hand, pipelined architec-
tures that resolve 1 bit in each stage lend themselves to a simple realization,
as shown in Figure 6.51 [31]. Illustrated in single-ended form, the circuit
corresponds to one stage of a pipelined ADC and consists of nominally equal
capacitors C; and C; and op amp A. A typical conversion cycle proceeds
as follows. First, the circuit is configured as in Figure 6.51(a), with the in-
put sampled on C; and C,. Next, the dc loop around A opens, C; is placed
around A, and C; is switched to Vrgr. The output voltage is then equal to
2Vi, — Vier. Subsequently, the polarity of this output is detected to determine
whether Vi, > Vier/2 or Vi, < Vier/2 and hence the corresponding bit. If
Vin < Virer/2, Vrer is added back to the residue, yielding Vo = 2Vi,, which
in the next stage is amplified by another factor of 2 and compared with Vrgr
again {31].

Rather than subdividing the reference by means of a DAC, this topology
amplifies the residue by a factor of 2, thereby demanding well-matched gain-
setting elements (here, capacitors) and high-gain op amps. In order to achieve
a precise gain of 2, averaging techniques [31} or calibration [32] can be used
so as to improve the equivalent matching of capacitors (Chapter 8).

Pipelined architectures, in principle, require less power dissipation and
area than full-flash configurations. This is especially evident in the 1-bit-per-
stage topology, where area and power grow linearly—rather than exponen-
tially—with the number of bits. In practice, however, the op amps utilized in
each stage employ large devices biased at high currents to attain a high speed
with a wide dynamic range (i.e., large input and output voltage swings and
low noise).
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Fig, 6.51 One-bit-per-stage pipelined operation. (a) Sampling; (b) D/A con-
version, subtraction, and amplification.

Pipelined architectures rely heavily on the storage and processing of
analog signals. Thus, they can be easily implemented in CMOS or BiCMOS
tetchnologies, where simple sampling switches and high-input-impedance de-
vices are readily available. This applies particularly to the 1-bit-per-stage
configuration, which indeed has evolved in CMOS technology. At the 10-bit

resolution level, sampling rates of 100 MHz in BiCMOS [33] and 50 MHz in
CMOS [30] have been achieved.

6.7 SUCCESSIVE APPROXIMATION ARCHITECTURES SA K

Successive approximation employs a “binary search” algorithm in a feedback
loop including a 1-bit A/D converter. Figure 6.52 illustrates this architecture,
which consists of a front-end SHA, a comparator, a pointer (shift register),
decision logic, a decision register, and a DAC. The pointer points to the last
bit changed in the decision register, and the data stored in this register is the
result of all the comparisons performed in the present conversion period.

_ During a binary search, the circuit halves the difference between the held
signal, Vi, and the DAC output, Vp, in each clock cycle. The conversion
proceeds as follows. First, both the pointer and the decision register are set
to midscale (100.. . 0) so that the DAC produces the midscale analog output.
Th.e comparator is then strobed to determine the polarity of Vi — Vp. The
pointer and decision logic direct the logical output of the comparator to the

/
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Fig. 6.52 Successive approximation architecture.

most significant bit (MSB) in the decision register. Thus, i.f }/H > Vp, the
MSB of this register is maintained at ONE, and if Vi < Vp, }t is set to ZERO
Subsequently, the pointer is set to 110...0 and the next b}t in the decision
register is set to ONE. After the DAC output has sett_led to its new .value. the
comparator is strobed again and the above sequence is rePeated.. Figure 6.53
illustrates the DAC output waveform in a typical conversion period,

|
Midscale —» !E§ - v
2 D
T i
Ves |
4 g
Vv, -1

Fig. 6.53 DAC output waveform in Figure 6.52.

For a resolution of M bits, the successive approximation architecture
is at least M times slower than full-flash configurations, but it offers several

advantages. First, note that the comparator offset voltage does not affect the
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linearity of the overall converter because it can be represented as a voltage
source in series with the SHA output, indicating that the offset voltage simply
adds to the analog input and hence appears as an offset in the overall char-
acteristics. Consequently, the comparator can be designed for high-speed
operation even in high-resolution systems. Of course, the input rms noise of
the comparator must be much less than 1 LSB. Second, this architecture does
not require an explicit subtractor, an important advantage in high-resolution
applications. Third, the circuit complexity and power dissipation are in gen-
eral less than that of other architectures.

If the front-end SHA provides the required linearity and speed and the
comparator input-referred noise is small enough, then the converter’s perfor-
mance depends primarily on that of the DAC. In particular, differential and
integral nonlinearity of the converter are given by those of the DAC, and the
maximum conversion rate is limited by its output settling time. Note that in
the first conversion cycle, the DAC output must settle to maximum resolution
of the system so that the comparator determines the MSB correctly. Thus, if
the clock period is constant, the following conversion cycles will be as long
as the first one, implying that the conversion rate is constrained by the speed
of the DAC.

Successive approximation converters that incorporate capacitor DACs
are usually based on the “charge redistribution” principle [35]. We iilustrate
this principle using the simplified diagram of Figure 6.54, where the DAC
consists of binary-weighted capacitors C;-Cy, (Ci=2Ci—1,j=M,...,2)
and Co = C [35]. In the sampling mode, the top plate is grounded, while all
the bottom plates are connected to the input signal. In the transition from the
sampling mode to the hold/conversion mode, Sp turns off and all the bottom
plates are grounded, causing the top plate voltage to be equal to the negative of
the sampled level. The conversion then proceeds by switching the bottom plate
of some of the C;-Cys to Vygr (according to a binary search algorithm) such
that the top plate voltage eventually returns to zero. For example, to evaluate

the most significant bit, the bottom plate of Cyy is switched from ground to
Vrer so that the top plate voltage increases by Vrer/2. Subsequently, the
comparator is strobed to determine the polarity of the difference between the
top plate voltage and ground, and hence the MSB. The following steps are
similar to those described for Figure 6.52.

The circuit of Figure 6.54 has several interesting features. Here, the D/A
converter operates as a sample-and-hold circuit as well: the capacitor array
acts as the storage element, while the top and bottom plate switches control
the sampling. The accuracy-speed trade-off described for MOS switches in
Chapter 2 is considerably relaxed here because the sample-to-hold transition
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Fig. 6.54 Charge redistribution architecture.

is performed by Sp, which always turns off with its source and drain at ground
potential, injecting a constant charge onto the array. This is in contrast with
the sampling circuit of Figure 2.6, where the charge injected by the switch is
input-dependent.

Another feature of this configuration is that at the end of the conversion,
the top plate potential is very close to zero. This in turn means that the junction
capacitance of Sp contributes very little nonlinearity to the system because
its net voltage change is nearly zero [35]. Note that since during sampling Sp
is in series with the entire array, it must have a low on-resistance—and hence
large width—so as to provide a fast acquisition. Consequently, its junction
capacitance is usually comparable with the value of the smallest capacitor in
the array. Also, because the comparator eventually compares Vp with the
ground potential, it need not maintain a high precision across a wide input
common-mode range, an important feature in low-voltage designs. Nonethe-
less, as discussed in Chapter 7, the comparator must have a fast overdrive
recovery, i.e., must not slow down after it has sensed a large differential input.

For high resolutions, the ratio of the largest and the smallest capacitors
(2m=1), as well as the total value of the array capacitance, can be excessively
large. For example, in a 12-bit converter, the ratio of the MSB and to the
LSB capacitors is equal to 2048, and the array comprises 4096 equal unit
capacitors. As the minimum size of the smallest capacitor is often dictated by
uniformity and matching considerations, the area and capacitance of such an
array may be very large, thus yielding an enormous input capacitance for the
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converter, slowing down the preceding circuit, and complicating the routing.
Additionally, the large capacitance of the array draws large current spikes
from the ground and Vygr lines during transients, causing ringing and long
settling times in the presence of inductance in series with these lines.

In order to alleviate these problems, the ratio of the largest and smallest
capacitors in the array must be decreased. For example, rather than scaling
all the capacitors, their bottom plate voltage swings can be scaled. This can
be accomplished by combining a resistor ladder with the capacitor array such
that the ladder provides fractions of Vggr [36]. Shown in Figure 6.55 is an
example where the resistor ladder generates Vigr/2, relaxing the maximum
ratio required for the capacitors in the array by a factor of 2. Note that the

gatching of the ladder’s resistors is not critical if it is used for only a few
SBs.
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Fig. 6.55 Reduction of ratio of capacitors in charge redistribution architec-
ture through the use of resistor ladders.

' A number of successive approximation A/D converters have been real-
ized in bipolar, CMOS, and BiCMOS technologies [34, 37, 38]. The self-
calibration capabilities and density of CMOS and BiCMOS technologies have
provided resolutions as high as 18 bits [38].

6.8 INTERLEAVED ARCHITECTURES

In systems where ultimate speed is the primary goal, identical A/D converters
can be interleaved in time so as to achieve more parallelism than simple flash
topologies. Figure 6.56(a) shows an interleaved architecture where n sample-
and-hold circuits controlled by CKX, ..., CK, precede n m-bit ADCs [39]. A
multiplexer selects the digital output of each ADC at the proper time, providing
the output corresponding to each sample. Note that ADCj, ..., ADC, can
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employ any architecture themselves, but full flash is most commonly used to
allow high a conversion rate.
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Fig. 6.56 (a) Interleaved architecture; (b) clocking sequence.

We describe the circuit’s operation using the clock waveforms shown in
Figure 6.56(b). When CK; is high, SHA; acquires the analog input. When
CK; goes low, SHA; holds the instantaneous value of the input and AD.CJ-
begins to digitize that value. At the same time, CK i+1 goes high, allowing
SHAj41 to acquire the next sample. The multiplexer is controlled by a com-
bination of CK1, ..., CK, such that it selects the output of ADC; when that
converter has completed the digitization of a sample.
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It is important to note that this architecture is advantageous over simple
flash ADCs only if signal acquisition by the SHAs is sufficiently faster than
A/D conversion by the ADCs.

While attaining high conversion rates, interleaved architectures suffer
from accuracy degradation due to parameter mismatches among their con-

stituent sampling circuits and A/D converters. In particular, mismatches in:

gain, differential and integral nonlinearity, timing, and offset give rise to
higher noise power in the overall output. The effects of these errors in time
and frequency domains have been analyzed extensively [39, 40, 41].

The potential of interleaved architectures has been demonstrated in var-
ious ADCs, most recently in an 8-bit 8-GHz system designed for real-time
sampling of signals in a digital oscilloscope [42]. The system employs a
total of sixteen 500-MHz bipolar flash ADCs along with a sample-and-filter
technique that relaxes the bandwidths required of the preceding sampling cir-
cuits. In CMOS technology, an 8-bit 85-MHz ADC using four interleaved
converters has been reported [43].
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Building Blocks
of Data Conversion Systems

The design of data conversion systems deals with both architectural issues
and circuit level considerations. The choice of an architecture is influenced
not only by its viability in a given technology but also by the performance of
its constituent building blocks. In fact, the trade-offs that exist at each level of
abstraction often mandate a great deal of iteration between architecture and
circuit design.

In this chapter, we describe the design of building blocks for data ac-
quisition and conversion. These include open-loop amplifiers, operational
amplifiers, and comparators. Issues related to the speed and precision of each
circuit are detailed and the impact of each building block’s performance on
that of data conversion systems is discussed.

7.1 AMPLIFIERS

Amplifiers are integral components of analog signal processing systems. In
data acquisition, they are utilized in sampling circuits, subtractors, gain stages,
and pipelined circnits, with each application imposing a different set of re-
quirements on their speed, gain, linearity, noise, dynamic range, and power
dissipation. Here, we study both open-loop and closed-loop amplifiers.

7.1.1 Open-Loop Amplifiers

Open-loop amplifiers have been popular in bipolar technology for two
reasons. First, many bipolar processes do not provide high-speed (vertical)
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pnp transistors and hence make it difficult to design high-gain amplifiers
(which usually require high-impedance loads). Thus, only low to moderate
gains are feasible, implying that the benefits resulting from feedback around
amplifiers are quite limited here. Second, open-loop amplifiers generally
exhibit faster settling times than their closed-loop counterparts.

Despite these advantages, open-loop amplifiers must deal with nonide-
alities such as nonlinearity and gain error, which would be suppressed in
closed-loop configurations. Consequently, a variety of correction techniques
have been devised to improve the performance of these amplifiers without
employing global feedback. While linearity is crucial in all circuits, gain er-
ror becomes important only in interstage amplifiers [1] and certain sampling
circuits {2]. In order to understand the linearity issues, we first analyze a
simple bipolar differential pair.

Nonlinearity in a Bipolar Differential Pair. For a simple bipolar
differential pair such as that shown in Figure 7.1(a), the large-signal output
differential voltage can be expressed as 3]

Vi
Vo = RCIE)? Fanh ﬁ (1.1)

where Vr = kT /q, Rc = Rc1 = Rca, and the effect of 8 and base and emitter
resistance is neglected. The hyperbolic tangent term in (7.1) approaches a
saturation level of £1 as | V4| exceeds approximately 6Vr. Thus, the input

+—o Voo * Vec
Rgy Rea ZRey R =
Vod $—o Vod o—
Q, Q, Q4 Q;
R, R,
V‘d V|d E1 E2

?IEE GDIEE

(a) (b)

Fig. 7.1 (a) Simple bipolar differential pair; (b) emitter-degenerated differ-
ential pair.

Sec. 7.1 Amplifiers 155

linear range is quite limited. For example, since fore < 1, tanh e ~ ¢ —¢3 /3,
(7.1) can be simplified if V3 « 2Vy:

Vg V3
Vod ® Relpp(— — —4),
4 c EE(ZVT 24V13) 7.2)

The second term in the parentheses represents nonlinearity in the input/outbuf

- Characteristic and is greater than 1% of the first term for a Vi, as small as

0.35V7r.
From a small-signal point of view, the gain of the circuit, A, = V,, / Vi,

can be expressed as

2Rc

Ay = ———=
8mi +gm2

(7.3)

- 2Rc Icilc2

— 4
Vr Iev+ Ic 7.4

- 2Rc Icilc2

Ve Iz’ 7.5)

suggesting that the gain varies as a function of the differential input voltage
because I¢; and I¢; vary. Note that A, also depends on temperature,

The nonlinearity expressed by (7.3) arises because the denominator is a
current-dependent impedance. Therefore, the nonlinearity can be reduced by
either suppressing this dependence in the denominator or creating the same
dependence in the numerator. The first approach leads to emitter degeneration,
and the second to logarithmic loads.

Linearized Bipolar Differential Pair.  Figure7.1(b) illustrates an emit-
ter-degenerated differential pair. Here, the small-signal gain is
2Rc

All = -1 - [}
Em1 + Em2 + 2RE

(7.6)

indicating that A, becomes less input- and temperature-dependent as 2Rz
(= 2RE) = 2RE2) becomes much greater than g,| +g-1. (This is equivalent
to making /g Rg much greater than Vr.) The improvement in linearity,
however, is attained at the cost of lowering the gain or allowing a larger
voltage drop across the collector resistors. The emitter resistors also raise the
input thermal noise and offset voltage.

)
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Shown in Figure 7.2(a) is a differential pair employing diode-connected
transistors as logarithmic loads. The small-signal gain of this circuit is

-1, -1

A, = Sn3 T Emt a7
8mi t+ 8m2

- Vr(cs + Ica)/(Ucslca)

Vr(ct + Ic2)/UciIc2)

~ 1, 7.9

(71.8)

It follows from (7.9) that the gain of this circuit remains independent of the
bias current—and hence the input voltage~—and is close to unity. In practice,
however, nonidealities such as finite B, finite Early voltage, and degradation
of B atlow currents limit the usable input range of the circuit to approximately
10Vr.

The performance of the two circuits discussed above can be substantially
improved by combining the two techniques, as depicted in Figure 7.2(b). Here,
the gain can be expressed as

_ g3+ Rei + gt + Rz
g+ Re1 + gos+ Rea

(7.10)

v

which for Rg; = Rgz = Rc1 = Rc2 = R, gmi = 8m3, 204 gm2 = 8ms
becomes equal to unity.

In the circuit of Figure 7.2(b), the voltage drop across Rgi and Rg:
severely limits the input and output voltage swings if a high linearity is re-
quired. To alleviate this problem, Izg can be split into two equal current
sources that directly flow from Q1 and Q. Insucha configuration, shown in
Figure 7.2(c), the current flowing through Rg; + Rg» is determined only by
the differential input voltage, allowing emitters of Q; and Q2 to have voltages
closer to the negative rail.

The circuits of Figure 7.2 suffer from gain error introduced by the finite
(ac) B of devices. Starting with (7.10), the reader can easily show that the
gain error is equal to 8/(B + 1). For a typical g of 100, this yields a gain
error of 1%. 4

This error can be significantly reduced by adding resistors with proper
values in series with bases of Q3 and Q4 (Figure 7.3) [1]. Assuming an
infinite Early voltage for all the transistors and noting that the impedance
seen looking into the emitter of Q3 or Q4 is equal to (Rp + rz)/(B + 1),
where Rg = Rz; = Rpa, the reader can show that the small-signal gain of
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Via
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(b) ©)

Fig.7.2 (a)Differential pair with logarithmic loads; (b) emitter-degenerated

diﬂ:’erential pair with logarithmic loads; (¢) circuit of (b) with split
emitter currents. i
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Fig.7.3 Differential pair with resistors Rg; and Ry, added to correct for
finite 8.

this circuit is expressed as

R+ Retrm
4y ==L B+l (7.11)
v = 2 ’ *
B+1 gy Tn_
B+1

where R = Rg; = Rgz2 = Rci = Rcz. In order for Ay to be identical with
unity,

B+1_ 1
Re=2""R4=r,. 7.12
B 5 +ﬂr (7.12)

As an easy, reliable choice, Ry =~ R, for which the gain error becomes
proportional to 1/52 rather than 1/8.

In addition to the techniques described above, other methods of improv-
ing the linearity and gain error of differential pairs have been proposed [4, 51.
A common drawback of most of these configurations is their limited input and
output voltage swings due to stacked devices and voltage drops across emitter
and collector resistors. This is particularly troublesome for high resolutions
because these voltage drops must be large to ensure high linearity, while the
input and output swings must also be large to provide a wide dynamic range.
For example, when designed for a gain of 2, the circuit of Figure 7.3 requires
+5-V supplies to attain a 2-V swing (a 4-V differential) and 12-bit linearity
and gain precision [1]. The trade-off between the linearity and dynamic range
of such amplifiers makes them less attractive for higher resolutions, especially
if the supply voltage is limited to 5 V.

Sec. 7.1 Amplifiers 159

MOS Differential Pair.  The precision techniques described above for
open-loop bipolar circuits do not achieve the same level of performance in
CMOS. For example, consider the CMOS counterpart of Figure 7.2(a), shown

in Figure 7.4(a). If the body of M3 and M, is connected to ground, the small-
signal gain is

A = &m + em3) ™! + (8ma + gmba) ™!
v = ’ - -
Eni +8m2

) (7.13)

\yhere &mj denotes the transconductance of M; and g, 7 Tepresents the small-
signal impedance due to the body effect [3]. The additional term &mpj in this

expression introduces gain error (and nonlinearity) and is difficult to cancel.

L| * +—s— Vpp Voo
My M, l"‘ M; M,
Vou! Vout
M. M
v S '] s S "l
Yiss ¥ liss
(a) (b)

Fig. 74 MOS differential pair with diode-connected (2) NMOS and (b)
PMOS loads.

In order to remove the error due to the body effect, the load devices
Lfan be implemented with PMOS transistors, as depicted in Figure 7.4(b),
where A, = (g”'l_,', + g,;j)/ (g,',;ll + g;‘j). However, the gain of this circuit
is not easily defined in modern MOS technologies. To understand why, first
assume M;-M; are long-channel, square-law devices having equal lengths

and gy = +/2IpWiCor /L. Thus,

Wiatn
Ay = [———, 7.14
. ‘/WWP (7.14)

where Wu‘ = Wi = W, and W34 = W3 = W,. This equation indicates
that the gain can be precisely set by the ratio ( Wiatln)/ (W34up). For short-
channel devices, however, carrier velocity saturation is significant and the

}
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drain current of a MOSFET is approximately equal to

Ip = WCox(Vos — Vrn) Vsaes (7.15)
where vy, is the saturation velocity of carriers [6]. The transconductance of
such a device can be expressed as

alp

— 7.16
Ve (7.16)

= W CoxVsars (717) )

which is independent of current and device length. Thus, the small-signal
gain of the circuit in Figure 7.4(b) will be

_ Wi2Vsatn

A (1.18)

v = .
W34 Vsa, p

Inatypical technology with L < 1 um, devices are not fully velocity-saturated
but they deviate substantially from square-law behavior. Asaresult, the actual
gain has a magnitude between /(Wizts)/(Waaktp) and (Wiattn)/ (Wsaptp),
thereby making it difficult to predict its exact value.

Another point of contrast between bipolar and CMOS amplifiers is ev-
ident in follower circuits. While emitter followers are frequently used in
analog (and digital) design, source followers have not been as popular for
several reasons. First, unless wide devices or high-bias currents are used, the
output impedance of a source follower is roughly the same as that of circuits
such as in Figure 7.4, indicating source followers are not efficient drivers.
Second, the gate-source level shift (typically greater than 1 V) often limits the
voltage swings and hence the dynamic range. Third, if the body of a source
follower is tied to a constant potential, the body effect introduces substantial
nonlinearity and gain error.

For these reasons, precision amplification in CMOS technology is often
performed using closed-loop configurations.

7.1.2 Closed-Loop Amplifiers

Closed-loop amplifiers are frequently used in precision processing of
analog signals because negative feedback can yield accurate closed-loop gain
and high linearity. Additionally, negative feedback can provide virtual ground
nodes, a necessity when precise amounts of charge must be transferred from
one capacitor to another. For these reasons, operations such as sampling and
subtraction usually employ closed-loop circuits for precisions above roughly
10 bits.
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The precision resulting from negative feedback of course depends on the
gain and linearity of the open-loop circuit. In particular, an important chal-
lenge in the design of closed-loop circuits is achieving a high open-loop gain
while maintaining reasonable speed, voltage swings, and power dissipation.

While traditionally phase margin and unity-gain bandwidth are used to
predict the speed of closed-loop circuits, it is extremely important to realize
that these parameters are small-signal quantities unable to represent the lérgé-
signal behavior of such circuits. Thus, to obtain a more realistic view, the
large-signal time response of the circuit (in a closed loop), including both
slew rate and settling time, must be examined.

Unity-Gain Buffer with Local Feedback. Figure 7.5 shows a BiC-
MOS unity-gain buffer, consisting of a differential pair Q;-Q, with active
load M -M; and an emitter follower Q3 in a local feedback loop. The small-
signal open-loop gain of this circuit is

Avo = gm12(rogz2llromz), (7.19)

where g, 1 is the transconductance of @ and O, and o g3 and r o 7 represent
the output impedance of Q7 and M,, respectively. The open-loop input and
output impedance of the amplifier are

Rino & 2rpyy (7.20)
r 1
Rowo = r02llromz (7.21)

BT gms
In the closed-loop circuit, the gainis Ay = Ayo/(1+ Ayo), and the equivalent

'iﬁfm and output impedance are Rinc &~ Ripo + Avo and Roue X Rouwo/Avo.
us,

A~ 1— ! (71.22)
gm2(rogzlirom?) |
Ric = 28(rogzlirom?) (7.23)
Rouc & ! . (7.24)
Bgmi2

_ It follows from the above equations that the buffer achieves a high input
impedance, alow output impedance, and a gain error of [g, 12 (rog2llro M)
'(typically a few tenths of a percent). The maximum input and output voltage
swings are given by the difference between the supply voltage and the sum
of Vbs,2, Vag,3, Vag,2, and the voltage required across current source Iz g (as-

suming Vps,2 + Vae,3 > Ves,1). These swings are approximately equal to 2.5
Vina5-V system.



162 Building Blocks of Data Conversion-Systems Chap. 7
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Fig. 7.5 (a) BiCMOS unity-gain buffer; (b) emitter current of Q3 when the
circuit drives a large load capacitance.

Despite these features, the buffer of Figure 7.5 suffers from a number
of speed-related drawbacks. In addition to a dominant pole at the collector of
0>, the circuit has nondominant poles at the collector of Q1 and emitter of
Q3. The latter is given by the output impedance and the total capacitance seen
at that node and may substantially degrade the settling behavior if the buffer
drives a large load capacitance. Another important effect, often ignored in
small-signal analysis, is the variation of this pole during large-signal transients
at the output [7]. Since Ir is constant, during transients the emitter current
of O3 must change to allow the load capacitance to charge or discharge.
For example, during a positive voltage excursion at the output, Q3 carries not
only I but also the load capacitance current. Figure 7.5(b) depicts the emitter
current of Q3 for both positive and negative voltage excursions, indicating that
the pole magnitude first changes significantly and then requires a long time
to settle to its original value.
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In order to overcome this problem, Ir can be controlled such that Q3
always carries a relatively constant current; i.e., when the load capacitance
current increases, Ir decreases, and vice versa [7]. Shown in Figure 7.6
is a possible implementation of this concept, where amplifier A adjusts I
according to the difference between the input and output voltages, making Iz
an “active pull-down” device. This circuit can also be viewed as two parallel
amplifiers that drive the load in a push-pull fashion. Of course A must be
sufficiently fast so as not to introduce additional settling components at the
output.

’ o Vec
M, M, '
L ll: "
Vino—s- Q4 Q. o Vout
A o
Y /lee -

Fig.7.6 Additional feedback applied to the circuit of Figure 7.5 to maintain
Ig3 constant.

The pole formed at the collector of Q> often does not provide sufficient
roll-off in the gain, causing significant ringing in the step response, especially
.for a large load capacitance. To alleviate the problem, this pole can be brought
closer to the origin by adding more capacitance from the collector of Q, to
ground [Figure 7.7(a)]. Alternatively, pole-splitting techniques [3] such as
that in Figure 7.7(b) can be used to both move this pole further from the
origin and create another dominant pole at the base of Q5.

The topology of Figure 7.5 must be modified if complementary devices
or bipolar transistors are not available. Figure 7.8 shows two variants in
all-npn bipolar and pure CMOS technologies. Since the open-loop gain of
these circuits is about an order of magnitude less than that of Figure 7.5, their
gain error is quite significant. The nonlinearity of the bipolar buffer is also
substantial because its loop gain is relatively small.

)
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Fig. 7.7 Compensation of unity-gain buffer by (a) lowering the magnitude
of the dominant pole and (b) pole splitting.
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7.1.3 Operational Amplifiers

The large gain and high linearity that can be achieved in operational
amplifiers often prove crucial in signal processing. For example, many of
the SHA and ADC architectures described in Chapters 3 and 6 require such
amplifiers so as to attain high resolutions,

While op amps traditionally were designed to have a gain of several
bundred thousand and provide a relatively low output impedance (even in
open-loop configuration), they have evolved into different topologies as sup-
ply voltages have scaled. down and CMOS devices have become popular in
analog design. Various trade-offs among gain, speed, dynamic range, and
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o Vee

(b)

Fig. 7.8 Unity-gain buffers in (a) all-npn bipolar and (b) CMOS technolo-

gies.

- power dissipation of op amps prohibit an arbitrary choice of any of these
parameters, thereby mandating custom design for every system.

Since dynamic range is a crucial parameter in high-resolution systems—
and is limited by the supply voltage—it cannot be simply compromised for
other parameters. In particular, op amps are usually designed to achieve
maximum input and output voltage swings and low input noise so as to allow
a wide dynamic range. In this respect, low-voltage designs usually avoid
emitter followers or source followers at the output because of the additional
headroom consumed by these circuits, However, such designs cannot drive
low-resistance loads because their open-loop gain falls sharply.
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Another attribute of modern op amps is that their open-loop gain is
commensurate with the maximum allowable gain error of the closed-loop
circuit. Resulting from the trade-offs mentioned above, this choice of gain
assumes that the nonlinearity is also suppressed to sufficiently low levels,
e.g., roughly the same as the gain error. This assumption is reasonable in
most topologies and simplifies the design if the gain error and nonlinearity
are equally important (e.g., in interstage SHAs of pipelined ADCs).

Two-Stage Op Amps.  The two-stage topology has been successfully
used in many general-purpose, high-gain op amps [8]. Shown in Fig-
ure 7.9, this configuration consists of a transconductance stage G, a volt-

age amplifier A, and a Miller compensation capacitor C¢ placed around the

amplifier. The small-signal open-loop gain of the circuit is

Ay = GmR1AY, (7.25)

where R, is the resistance seen at the output of G, and equals the parallel
combination of the output resistance of G, and the input resistance of A;.
Since the overall gain is equal to the product of the voltage gain of each stage,
it can be very high. The —3-dB open-loop bandwidth of the circuit is

1
BW,~ ———
° " 2wRiACc

It follows from (7.25) and (7.26) that the gain-bandwidth product of the op
amp is

(7.26)

Gml

AVO-BWazanC.

(1.27)

Cc
il
| 1]

Vin: Gmi —° Vout

Fig. 7.9 Two-stage op amp configuration.

The principal drawback of this architecture stems from the nondominant
pole formed by the output impedance of A; and the load capacitance. This
pole severely degrades the settling behavior because, as mentioned above,
amplifier A; usually employs no source or emitter followers at its output and
hence exhibits a relatively high output impedance. Since G| and A typically
have additional poles, the op amp bandwidth must be drastically reduced so
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as to avoid underdamped settling at the output. Furthermore, the feedforward
of signal through C¢ gives a zero in the right half-plane, often requiring other
circuit techniques to ensure stability [9, 10].

The two-step nature of this configuration offers an important feature
that can be exploited if maximum dynamic range is the primary concern: the
G stage can provide a high gain, while amplifier A, is designed for nearly
rail-to-rail output swings [11]. This allocation of gain and voltage swing is
not possible in op amp topologies that provide the entire gain in one stage.

Cascode Op Amps.  Since most of the op amps employed in data ac-
quisition systems need not drive resistive loads, they can be designed without
concern for their open-loop output resistance. As such, these op amps can
have a very high output resistance, i.e., designed as transconductance ampli-
fiers. The advantage of this approach is that a relatively high voltage gain can
be obtained in one stage.

Figure 7.10(a) depicts a CMOS cascode op amp with single-ended out-
put [3]. The small-signal open-loop voltage gain of the circuit is equal to
gm12Ro, where Ry is the impedance seen at the drain of My; ie., Rp =~
(8maroaro2)ll(8merosros). This gain is typically around a few thousand,
and the circuit offers the linearity and gain error required for resolutions up
to 10 bits [12]. The dominant pole is formed at the output node by the load
capacitance.

(a)

Fig.7.10 (a) Single-ended cascode op amp; (b) fully differential cascode op
amp (common-mode feedback not shown).
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This topology suffers from a number of trade-offs among its gain, dy-
namic range, slew rate, and settling time. Since the circuit employs a stack of
five devices (including the current source), its output voltage swing is quite
limited. Thus, to achieve both a large output swing and a high gain, the devices
must be wide so that their Vs — Viy is minimized and their transconductance
maximized. On the other hand, to attain a hi gh slew rate, the bias currents must
be made large, lowering the open-loop gain unless the transistors are made
longer. The resulting size of the devices yields large input capacitance and
large parasitics at nodes X-X3 and ¥,-¥3, thereby reducing the magnitude of
the poles formed at these nodes and degrading the settling characteristics. In
particular, the pole associated with the mirror device M5 typically becomes
the primary nondominant pole, degrading the phase margin and limiting the
unity-gain bandwidth. This pole moves toward the origin as the design max-
imizes the output voltage swing by increasing the width of the transistors. It
can be easily shown that, for a given Vas,7, the magnitude of the pole at node
X3 decreases as the drain current and width of M7 increase together.

To alleviate some of these problems, a fully differential topology such
as that of Figure 7.10(b) can be used. In this circuit, as is often said, sig-
nals do not propagate through PMOS devices. This is a relatively accurate
statement because the only signals that appear at nodes X3 and ¥; result from
reverse characteristics of common-gate devices Ms-Ms, i.e., their finite output
impedance. While the parasitic capacitance at these nodes shunts the output
impedance of M7 and Mg (thus producing a pole), the impedance seen looking
into the drain of Ms and Mg has only one pole (even in the presence of load
capacitance). We calculate the impedance looking into the drain of Ms by
noting that

1
Zos ~ gmsros(rmllz:—), (7.28)
78

where C; is the total capacitance at the drain of M. This expression can be

written as &m 5}, 0s N (7.29)
Cis
suggesting that Zps is equivalent to the parallel combination of a resistor
equal to gmsrosro7 and a capacitor equal to C; /(8msros). -
Since the load capacitance C, simply appears in parallel with this com-
bination, we can write

Zos = (gmsrosron)|i(

1 1
Zosllz.-—s- = (gmsrosrm)H———é-—- (7.30)
L (CL+ )s
Em5ros
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It follows from (7.30) that the capacitance at nodes. X3 and Y; is divided by
the intrinsic gain of M5 and Mg and “absorbed” by the load capacitance. In
reality, the approximations made in arriving at (7.28) (e.g., the assumption
that g,,sros > 1) ignore some higher-order terms in s that could introduce
pole-zero doublets. But, the effect of these terms is usually negligible.

With the mirror pole removed, the nondominant pole of the circuit in
Figure 7.10(b) arises at nodes X 1 and Y} and is determined by the transcon-
ductance of M3 and M, and the total capacitance at these nodes. In a typical
design, this pole is several times higher than the mirror pole of Figure 7.10(a).

The fully differential topology of Figure 7.10(b) requires a common-
mode feedback network so as to remain in its high-gain region. This subject
is discussed in Section 7.1.5.

The circuit of Figure 7.10(b) still suffers from the same dynamic range
trade-offs described for the circuit of Figure 7.10(a). In order to increase the
input and output swings, the cascode topology can be “folded,” as illustrated
in Figure 7.11. Here, the input stage has three stacked devices and the output
stage four, giving larger input and output swings than the circuits of Figure
7.10. However, PMOS devices Ms and Mg are in the signal path, creating a
nondominant pole at the folding points X; and ¥;. Given by the transconduc-
tance of Ms and Mg and the total capacitance at these nodes, this pole usually
determines the phase margin and maximum bandwidth ‘of the op ampi'If M,
and M, are replaced with a PMOS differential pair with their drains connected
to the source of My and Ms, then the'pole associated with the folding points
is given by the transconductance of NMOS devices M7 and Mg and the total
capacitance at their source; a potentially higher magnitude than that in Figure
7.11. However, the open-loop gain tends to be lower because of input PMOS
transistors,

The circuits of Figures 7.10 and 7.11 exhibit an interesting trade-off
between their input-referred noise and output voltage swings. In Figure 7.10,
for example, since the contribution of M7 and M; to'the input—r'eféx"remd mms
noise increases with.the square root of their transconductance [3] and since
8m = 2Ip/(Vgs — Vrg), the noise increases if Vs — Vry of these transistors
is minimized to allow a large output swing. Note that the folded cascode

exhibits more noise than the unfolded counterpart because of the contribution
of four devices, M3, My, My, and Mo in Figure 7,11,

- The op amp topologies described above can also be implemented in
BiCMOS or complementary bipolar technologies. In particular, the folded-
cascode configuration has a BICMOS counterpart, shown in Figure 7.12 [7].
In this circuit, the pole at nodes X and Y, is on the order of the Jr of the bipolar

-
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The reasons why are as follows, First, the input bias current introduces droop
and offset voltage in switched-capacitor circuits and is difficult to cancel.
Second, if the folded-cascode topology incorporates an npn input pair, it
will inevitably have PMOS devices in the signal path, thus suffering from a
significant nondominant pole and hence long settling times.

+—o Vpp

7.1.4 Gain Boosting Techniques

The bandwidth limitations of two-stage op amps and the limited gain
achievable in folded-cascode configurations have motivated the invention of

Vb3 gain-boosting techniques (13, 14]. These techniques are usually applied to
cascode op amps to increase their gain with little degradation in speed.
Vi To understand the principle of gain boosting, consider the cascode circuit

of Figure 7.13(a). Here, if / 1 is anideal current source, the small-signal gain is
approximately equal to g, 8m27017 02, i.€., the transconductance of the input
transistor multiplied by the impedance seen at the output node. The output
impedance and hence the gain can be increased by stacking more devices in the
cascode configuration, but at the cost of reduced output swings. Now suppose,

Fig. 7.11 CMOS differential folded-cascode op amp (common-mode feed-
back not shown),

+—Vop as shown in Figure 7.13(b), M, is placed in a feedback loop that senses its

Mg drain current and adjusts its gate voltage so as to minimize variations in the

V) e drain current. In other words, if a change in- Vou tends to vary Vy through
M, the output impedance of M, then A varies the gate voltage of M, in such a

way to minimize the change in Vx. Since the feedback loop senses the output
current, the output impedance of the circuit is boosted by approximately Ao,
Yielding Ay voost = Aogm1gmaroiron. _

It is interesting to note that while in a two-stage op amp the “entire”
signal must propagate through both stages, in the circait of Figure 7.13(b)
only an error signal is processed by Ag. This in turn means the settling times
are much faster in the latter than in the former. Also, Ag need not have large
output swings or a high slew rate and hence can be optimized for small-signal
€ain and bandwidth, providing a high overall gain and fast settling.

The amplifier topology used for Ag depends on the overall gain require-
ment and can be as simple as a common-source stage, as shown in Figure
7.13(c)[14]. Ina typical design, the common-source stage, consisting of M;
and /5, boosts the gain by roughly 20 to 50, in essence yielding an overall gain
equal to that of a triple cascode. However, it also limits the output voltage i

Fig.7.12 BiCMOS folded-cascode differential op amp (common-mode

feedback not shown). ing b the drai | ¢ ’ 0 A% ‘
Swing because the drain vo tage of M, is equal to Vas.3 (> Vi), whereas i
transistors Q; and Q,, yielding a faster settling time than a pure CMOS in Figure 7.13(a), it can be as low as Vos,i — Vi, an arbitrarily small value. QM “ FO (Q' /
implementation. Furthermore, Miller multiplication of Cgp 3 decreases the magnitude of the - ']‘) _ ‘“H WY,
While bipolar transistors can provide a higher gain and lower noise than Pole at the source of M, degrading the closed-loop settling behavior of thef| $ 'V ”E 2r Sef ¢
CMOS devices, most BiCMOS op amps still avoid them in the input stage. op amp.
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I I .
Vout
M,
M, X
T Vino—[o My
(c)

Fig. 7.13 (a) Simple cascode circuit; (b) cascode circuit with gain boosting;
(c) simple implementation of (b).

These drawbacks can be alleviated by employing a folded-cascode cir-
cuit for Ap [13]. Shown in Figure 7.14 is such an arrangement, where a
folded-cascode amplifier with PMOS input boosts the gain of an NMOS cas-
code stage. Note that, with proper design, the drain voltage of M; can be as
low as Vigs,1 — Vay and the Miller effect at the input of the folded-cascode
amplifier is negligible. The overall gain is boosted by more than two orders
of magnitude [13].

An important issue in the design of gain-boosted op amps is the effect
of the poles of the auxiliary amplifier (A in Figure 7.13) upon the settling
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Fig. 7.14 Gain boosting using a folded-cascode amplifier.

example, consider the switched-capacitor circuit in Figure 7.15(a), where
during reset S; and S are on, providing unity-gain differential feedback.
Now suppose the op amp is implemented as a simple differential amplifier, as
shown in Figure 7.15(b). In this circuit, when S1 and S; are on, Vy and Vy
are not well-defined because Iss must balance Ips + / ps. Thus, for example,
if I is slightly less.than Ip3 + I'ps, the output nodes approach Vpp, driving
M3 and M4 into linear region, while the feedback simply senses the difference
between Vy and Vy and is therefore unable to correct the CM level. For

this reason, differential op amps usually employ a common-mode feedback

network (CMFN) to achieve a stable CM level. We discuss a number of

behavior of the overall circuit. Bult {13] provides design constraints that
ensure fast settling in typical CMOS technologies.

7.1.5 Common-Mode Feedback

In high-gain, fully differential op amps, the output common-mode level
must be well-defined even if the circuit is used in closed-loop form. For

approaches to realizing these networks.

+  The principal issue in the design of CMFNis is that they must have a high
differential mode rejection; i.e., they must maintain a constant common-mode
level even for large differential voltage swings. While it might seem that small
variations in the CM level would not lead to any serious problems, in practice
common-mode variations may introduce long settling times in the differential
output. We discuss this point later.

A simple CMFN is shown in the differential amplifier of Figure 7.16(a),
where transistors Ms-Mj provide common-mode feedback. In this circuit, M5
and Mg sense the output voltages and produce a CM voltage at their source.
This voltage is applied to M>, setting Ipg such that the output CM voltage is
equal to Vg5 + Vg7 (when the differential output is zero),
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+ o Vpp

'
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(a) ®

Fig.7.15 (a) Fully-differential switched-capacitor circuit; (b) simple imple-
mentation of op amp in (a).

For small differential swings at Vx and Vy, Ips + Ipg is relatively
constant and the CM level is fixed. Now suppose the op amp is to produce a
large Vy — Vy (and hence M; and M, must carry slightly different currents).
Since Ms and Mg have nonlinear Ip- Vg5 characteristics, as Mg begins to turn
off, Vp rises, increasing Ipg momentarily. The change in Ipg is drawn from
M, and M, but not equally, because these transistors have slightly different
transconductances. Asaresult, a differential settling component appears at the
output solely because the common-mode level has changed. This component
can degrade the overall settling behavior if the response of the CMFN is not
sufficiently fast.

From the above discussion, we conclude that a CMFN must maintain

symmetry even for large differential swings. An example of such a circuit is
depicted in Figure 7.16(b), where equal resistors R; and R, sense Vy and Vy
and reconstruct the CM level at node P [15]. The resulting voltage adjusts
the drain currents of M3 and M. In this circuit, since R| and R; exhibit much
more symmetry (i.e., linearity) than Ms and My in Figure 7.16(a), the CM
level remains constant even in the presence of large differential outputs. To
eliminate the loading of R; and R; on the output nodes, these resistors can be
preceded by source followers.

Another CMFN used in MOS op amps is shown in Figure 7.16(c) [16],
where Ms and Mg are biased in the linear region and set the output CM level.
Here, the output CM voltage determines the channel resistance of Ms and My
and hence the drain current of M; and M>. The total channel resistance is
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Fig.7.16 Common-mode feedback using (a) source-coupled pair (b) equal
tesistors and (c) MOSFETs in the linear region.

Ry = Ron,SHRon.ﬁ (731)
1 1
= — I— (732)
#’ncox'z(vx - VTH) /-annx_(vl’ - VTH)
L
1 - ‘
= ) (7.33)

w
.ll-nCox'E(Vx + Vy —2Vmy)

indicating that the CM level remains constant if Vy and Vy change by equal
and opposite amounts.
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In switched-capacitor circuits, the CMFN can employ capacitors to sense
and correct the output common-mode level [17]. Consider the circuit shown
in Figure 7.17(a), where equal capacitors C; and C; have an initial voltage of
Vo and reproduce a CM level at node P, thus setting the drain current of M
such that the output CM level is equal to V + Vgs7. If the leakage at node
P is negligible, the voltage across C; and C, remains constant, providing
symmetric feedback even for large differential outputs. In practice, Vo must
be periodically refreshed by means of a separate circuit, e.g., that of Figure
7.17(b). Here, during refresh, C; and C; are disconnected from the op amp,
charged to a proper voltage, and reconnected to the circuit. In the refresh
mode, the op amp output is not valid, but in many data acquisition systems
op amps often have some idle time that can be used for this purpose.

—iL M, M,

i
(ALTTORA dekefuained

om0 7 My HP (W lss
[:/y S

+Vo- -V+

(®)

Fig.7.17 (a) Common-mode feedback using capacitors; (b) refresh circuit.
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- Note that in Figure 7.17(a) M7 provides only a fraction of the bias current,
with the remaining set by Iss. In other words, the CMFN need not control the
entire bias current of an op amp. This concept can be applied to all CMFNs
and proves useful in optimizing the transient response of the circuit.

7.2 COMPARATORS

The performance of A/D converters that employ parallelism to achieve a high
speed strongly depends on that of their constituent comparators. In particu-
lar, flash and two-step architectures require great attention to the constraints
imposed on the overall system by the large number of comparators. Most
such converters utilize voltage comparison, rather than current comparison,
because distributing a voltage to a large number of comparators is easier.

Comparison is in effect a binary phenomenon that produces a logic out-
put of ONE or ZERO depending on the polarity of a given input. Figure 7.18(a)
depicts the input/output characteristic of an ideal comparator, indicating an
abrupt transition (hence infinite gain) at Vi, ; — Vi, 2 = 0. This nonlinear char-
acteristic can be approximated with that of a high-gain amplifier, as shown in
Figure 7.18(b). Here, the slope of the characteristic around Vin1 = Vipa is
equal to the small-signal gain of the amplifier in its active region (Ay), and
the output reaches a saturation level if | V;, | — Vi 2| is sufficiently large. Thus,
the circuit generates well-defined logic outputs if |V ; — Vina] > Vi /Av,
suggesting that the comparison result is reliable only for input differences
greater than Vy /Ay . In other words, the minimum input that can be resolved
is approximately equal to Vy/Ay. (The effect of noise is ignored for the
moment.) As a consequence, higher resolutions can be obtained only by
increasing Ay because Vg, the logical output, cannot be arbitrarily reduced.
Since amplifiers usually exhibit strong trade-offs among their speed, gain, and
power dissipation, a comparator using a high-gain amplifier will also suffer
from the same trade-offs. :

Since the amplifiers used in comparators need not be either linear or
closed-loop, they can incorporate positive feedback to attain virtually infinite
gain. However, to avoid unwanted latch-up, the positive-feedback amplifier
must be enabled only at the proper time; i.e., the overall gain of the comparator
must change from arelatively small value to a very large value upon assertion
of a command.

Figure 7.19 illustrates a typical comparator architecture often utilized in
A/D converters. It consists of a preamplifier A; and a latch and has two modes
of operation: tracking and latching. In the tracking mode, A; is enabled to

amplify the input difference, hence its output “tracks” the input, while the
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Fig. 7.18 Input/output characteristic of (a) an ideal comparator and (b) a
high-gain amplifier.

latch is disabled. In the latching mode, A is disabled and the latch is enabled
(strobed) so that the instantaneous output of A; is regeneratively amplified
and logic levels are produced at V,,. Note that it is assumed that the clock
edge is sufficiently fast so that the output of A; does not diminish during the
transition from tracking to latching. Also, if the input to the comparator is
constant with time, it is not necessary to disable A; in the latching mode.
These issues are further discussed below.

Vin,1 o] — —°
A, Latch Vout
Vin,z O —™

et >o

CpgiET Fig.7.19 Typical comparator architecture.

Lo q Another advantage of the architecture of Figure 7.19 over a simple high-
gain amplifier is that the strobe signal (CK) can be used to define a sampling
instant at which the polarity of the input difference is stored. As discussed
in Chapter 6, this concept is extensively utilized in flash and folding A/D
converters to eliminate the need for front-end sample-and-hold circuits.

The use of a latch to perform sampling and amplification of a voltage
difference entails an important issue related to the output response in the
presence of small inputs: metastability. To explain this issue, we first derive
the time response equations of a simple latch. )

Figure 7.20(a) shows a latch comprising two identical single-pole in-
verting amplifiers each with a small-signal gain of —A, (Ag > 0) and a
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Fig.7.20 (a) A latch comprising two back-to-back amplifiers; (b) time re-
sponse of the latch; (c) time response for different values of Vxro.

characteristic time constant of 7o. For this circuit, we can write:

dVy

TO—F <+ VX = -—AOVY (7.34)
dVy '

To—dt + Vy = —AgVy. (7.35)

Subtracting the second equation from the first and rearranging the terms, we

have AV V)
v —
ro-——dt—y_ = —(1— Ag)(Vy — V). (1.36)

If the circuit begins with (Vx — V¥)fi=0 = Vxyo, then
t

Vx — Vy = Vxyo exp[(Ag — l)r—]' (7.37)
0

Foratypical latch, Ag > 1, yielding the important property that the argument
of the exponential function is positive and hence Vy — Vy regenerates rapidly.

\
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The regeneration time constant is equal to to/(Ag — 1). Figure 7.20(b) shows
how the output evolves in time until either of the amplifiers saturates and its
gain goes to zero.

An important aspect of latch design is the time needed to produce logic
levels after the circuit has sampled a small difference. If Vx — Vy istoreacha
certain value Vyy, before it is interpreted as a valid logic level, then the time
required for regeneration is

LU 4 (7.38)
Ag—1" Vxyo
Equation (7.38) indicates that T} is a function of 7p/(A¢ — 1) (and hence the
unity-gain bandwidth of each amplifier) as well as the initial voltage difference
Vyyo. Thus, the circuit has infinite gain if it is given infinite time. In other
words, if at the sampling instant Vxyo is very small, T; will be quite long. This
phenomenon is called “metastability” and requires great attention whenever a
latch samples a signal that has no timing relationship with the clock. Plotted
in Figure 7.20(c) are the Vx and Vy waveforms with Vxyo as a parameter.
Since in most practical cases Vxyyg is (or can be considered) a random
variable, metastability must be quantified in terms of the probability of its
occurrence. Suppose in a system using a clock of period 27T, each latch
is allowed a regeneration time of 7. Then, a metastable state occurs ifa
latch does not produce an output of Vxy; within T, seconds. If the sampled
value Vyyo has a uniform distribution between —Vyy and +Vxy;, then the
probability of observing a metastable state is [19, 20]
- (AO - DT,

P(T\ > T.) =exp —_— (7.39)
0

Ty =

This probability can be lowered by increasing Ao, decreasing 7o, or pipelining
the comparator output.

Before describing various comparator topologies, we define some of
their performance metrics.

e Resolution is the minimum input difference that yields a correct digital
output. It is limited by the input-referred offset and noise of both the
preamplifier and the latch. We call this minimum input 1 LSB (also
denoted by Visp).

o Comparison rate is the maximum clock frequency at which the com-
parator can recover from a full-scale overdrive and correctly respond
to a subsequent 1-LSB input. This rate is limited by the recovery time
of the preamplifier as well as the regeneration time constant of the
latch.
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¢ Dynamic range is the ratio of the maximum input swing to the mini-
mum resolvable input.

¢ Kickback noise is the power of the transient noise observed at the
comparator input due to switching of the amplifier and the latch.

In addition to these, input capacitance, input bias current, and power dis-,

sipation are other important parameters that become critical if a large number
of comparators are connected in parallel.’

7.2.1 Bipolar Comparators

Figure 7.21 depicts a bipolar implementation of the comparator archi-
tecture shown in Figure 7.19. The preamplifier consists of the differential
pair Q;-Q> and resistors R; and R;, while the latch comprises 03-Q4 and
shares the same resistors. The differential pair and the latch are controlled
by CK and CK through Qs and Qs, respectively. When CK is high, Qs is
on and the differential pair tracks the input while Qg is off and the latch is
disabled. When CK goes low, Qs turns off, disabling the input pair, and Qg
turns on, allowing the latch to establish a positive feedback loop and amplify
the difference between Vy and Vy regeneratively.

.................................................................

Ve
=Re2 |
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leg
Fig.7.21 Bipolar implementation of comparator architecture in Figure 7.19.

It is instructive to derive some of the performance metrics of this com-
parator so as to understand its limitations.

The resolution of the comparator depends on both its input offset voltage
and its input-referred noise. The input offset voltage arises from the mismatch

)
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between nominally identical devices Q1-Q3, Rci1-Re2, and Q3-Qs. Since

mismatch contributions of R¢1-Rcz and Q3-Q4 appear at the output, they are

divided by the voltage gain of the differential pair (g,»12Rc, where Rc is the
mean value of R¢y and Re2) when referred to the input. For two nominally
identical bipolar transistors, the Vzg mismatch can be expressed as [3]

AVge = Vrln -éﬁ (7.40)
Is
AA
= Vrin— 7.41
Tin— (7.41)
AA
Vr——-A (7.42)

where Alg and I are the standard deviation and mean value of the saturation

current, respectively, and AA and A are those of the emitter areas. Equation,
(7.42) indicates that if, for example, two transistors have a 10% emitter ar 2,

mismatch, then their Vz¢ mismatch is approximately equal to 2.6 mV atrog

temperature. Another important observation is that the offset voltage van

with temperature; i.e., if it is corrected at one temperature, it may man

itself at another. We should mention that (7.42) does not include base an

emitter resistance mismatch, errors that become increasingly noticeable

devices scale down and are biased at relatively high current densities.
The overall input-referred offset can then be written as

AAp ARc 1 Ads,
+V + .
T Rc gm12Rc Az

The last term in this equation is negligible if g,,j3Rc > 1. _

The comparator input-referred noise consists primarily of the therm
and shot noise of Q) and Q5 and the thermal noise of R¢; and Rcz (neglectin
the latch noise). The spectral density of this noise is u )? kTK

-5 ges

Vos = VT In VT In (7.4

Apn

2 1 8kT )

vr -
8kT (rp12 +7e12 + —) + v s (3

:f (ro12 el2 2 12) 212R / f

i .
where rp12 and r,.;2 denote base and emitter resistance, respectwely, and
the noise components are assumed to be uncorrelated.

Equations (7.43) and (7.44) reveal a number of trade-offs in the desigr

of this comparator. First, to reduce the input offset and r,),, the emitter ar
of 0;-Q2 must increase, thereby increasing the input capacitance. Secon
to reduce ry 2, the emitter width must increase, again raising the input capa
tance. Third, to increase g,,12, the bias current must increase, thus increasi

Loe my,
the power dissipation. Finally, if R¢ is increased, the time constant at nodes=!

X and Y increases and so does the voltage drop across R and Rcz, thus
limiting the input voltage swing. Notvhat the voltage drop across R¢; and
Rc> should not exceed approximately'300 mV if Q3 and Q4 are to remain
out of heavy saturation in the latching mode.

To study the comparison rate of this circuit, we first describe the over-
drive recovery test, often used as the most stressful assessment of comparator
performance. In this test, the input difference toggles between full-scale value
Vrs and 1 LSB in consecutive clock cycles, yleldmg the waveforms depicted
in Figure 7.22. For a large AV, = V,,1 — Vin2 (or “overdrive”), the input
pair of Figure 7.21 switches completely, steering all of the bias current to one
side and producing a large Vyy. When AV, goes from full-scale to 1 LSB,
Vxy must “recover” from a large value and become approximately equal to
mi2Rc x 1 LSB before the latch is strobed. We note from Figure 7.22 that
erdrive recovery has two extreme cases. In the first case, A Vin goes from
. to +1 LSB and the output must recover and change polarity. In the
ond.case, AV, goes from ~ Vs to —1 LSB and the output must recover
ot change polarity; i.e., it must be free from overshoot. In the first case, if
1as. not changed its polarity before the latch is activated, the latched out-
regenerate to its previous value; i.e., the comparator tends to follow
lues left from the previous cycle. This phenomenon is called “hysteresis”
sults from insufficient time allowed for overdrive recovery.

CcK

1 LSB

L remen)

Fig.7.22 Comparator overdrive test.

rom the above discussion, we conclude that, in order for a comparator
Gitespond correctly in an overdrive recovery test, the minimum clock period
ust allow two phenomena to complete: overdrive recovery in the preampli-

% [ ( i H‘--‘f’} mwede . oA Cm‘rau{‘ J Lt«)uu
' L i R i, o b @ 4?;
Sec.7.2  Comparators (:fl¢ franiiste/ - IR O . © 183

\/(n{




184 Building Blocks of Data Conversion Systems Chap.‘(

fier and generation of logic levels after the latch is strobed. In the circuit of
Figure 7.21, the preamplifier overdrive recovery can be expressed as

Vxt.ov = gmi2RcVige

—t (7.45)

+(Vec — IgeRc — gmizRc Viss) exp ———,
R cCo

where Coy is the average capacitance at nodes X and Y during overdrive

recovery (consisting of the collector-base and collector-substrate capacitance

of 01-Q4 and the base-emitter junction capacitance of Q3 and Q4). The
regeneration can be expressed as

Rc ~ 1)t

Vxv.eg = Vxyo exp {&m3uRe = 1)t , (7.46)

reg
where Vyyyg is the difference between Vy and Vy when regeneration begins
and C,, is the average capacitance at nodes X and Y during regeneration
(consisting of C,, and the base-emitter diffusion capacitance of Q3 and Q4)

[19].

The dynamic range of the comparator is given by the ratio of the max-
imum input swing and Vi s and can be calculated by noting that the input

common-mode level Vi, ¢ is limited as follows:

2Vee + Vsee < Vinem < Vee, (7.47)

where Vg is the minimum voltage required across the current source I E
and it is assumed that Irg Rc < 300 mV so that Q) and O, do not saturate
heavily when the input common-mode level reaches Vec.

Another important property of comparators is their kickback noise. Fig-
ure 7.23 illustrates how this noise is generated. Suppose the circuit is in the
latching mode; i.e., the input pair is off. In the transition to tracking, CX
goes high and turns Qs on, pulling current from Q; and Q,. However, since
Q) and @) are initially off, this current first flows through their base-emitter
Jjunction, giving rise to a large current spike at Vi, ; and Vin,2. The magni-
tude of this current is approximately equal to half Ir¢ before Q) and Q)
turn on and provide current gain. The duration of this spike depends on
the time constant at the input and may extend from one cycle to the next,

thereby corrupting the analog input. For example, if Iz = 200 A, ina

flash ADC with 256 comparators the kickback noise amplitude may reach
tens of milliamperes. This noise can take a long time to decay to below
1 LSB.
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Fig. 7.23 Generation of kickback noise in a bipolar comparator.

The comparator of Figure 7.21 exhibits a nonlinear input capacitance as
a function of the input difference, as illustrated in Figure 7.24. If V;, ; is more
negative than V;; ; by several Vr, Q; is off and the input capacitance is equal
to Cjc,1 + Ci.,1 (for input frequencies much less than fr of transistors, so that
the impedance seen at the emitter of Q is small). As V;, ; approaches Vi, 2,
Q1 turns on, introducing a base-emitter diffusion capacitance Cp = gntr,
where TF is the base transit time. If V;,; exceeds V;, 2 by several Vr, O,
turns off and @, operates as an emitter follower. In this region, the input
capacitance is approximately equal to Cj,; plus a small fraction of C,| + Cp
and increases with V;, | because Cjc,1 experiences less reverse bias. In a flash
A/D converter, for a given input voltage most of the comparators operate
in either region 1 or 3, with only a few in region 2. As a result, the con-
verter’s input capacitance arises primarily from Cj. and Cj. of the transistors
(and interconnect capacitance). The variation of input capacitance with the in-
put voltage causes input-dependent delay and hence harmonic distortion
(Chapter 6).
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Fig.7.24 (a) Input stage of a bipolar comparator; (b) small-signal input
capacitance versus input differential voltage.

Another important parameter of the comparator of Figure 7.21 is its
input bias current. In the tracking mode, this current varies between zero
and Ige/B as the input difference changes, and in the latching mode it is
zero. As discussed in Chapter 6, in a flash converter, the input bias current
of comparators introduces a nonlinear variation in the reference ladder tap
voltages.

The limitations described above for the comparator of Figure 7.21 can
be significantly relaxed through the use of circuit techniques. In particular, the
input differential pair can be preceded with another stage to suppress kickback
noise and provide more gain, while the latch can employ emitter followers to
enhance the regeneration speed and allow larger voltage swings.

Shown in Figure 7.25 is a comparator circuit often utilized in flash ADCs
[18]. It consists of an input stage, a switched differential pair, and a latch
comprising Q9-Q12. The input stage serves the following purposes: (1)
it suppresses the kickback noise to acceptably low levels; (2) it provides a
relatively high gain, thereby lowering the offset contributed by the latch and

) A Vee
J n,% anz J XD J
o S0
Yint 9 % Iy 14 o,
Vin2 Q, Qg e G QG

Fig. 7.25 Improved bipolﬁr comparator desigﬁ. Dok

i
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improving metastability behavior; (3) it exhibits less input capacitance and
less feedthrough from one input to the other; (4) its input bias current is rela-
tively constant and can be canceled if necessary. These merits are attained at
the cost of larger power dissipation, complexity, and some reduction in small-
signal bandwidth. Note that the input offset voltage of the input stage is

higher than that of a simple differential pair because the Vg mismatch of -

Q4 appears directly at the input. By the same token, the input noise is larger
as well.

The emitter followers Q{; and Q12 used in the latch section of Figure
7.25 improve the performance in several ways. First, they reduce the loading
effect of the parasitic capacitances of Qg and Qg on nodes X and ¥ , thus en-

* hancing both the small-signal bandwidth and the regeneration speed. Second,

they allow larger voltage swings at nodes X and Y because, unlike the circuit
of Figure 7.21, the regenerative pair does not enter saturation for swings as
large as Vge. Third, they provide a low output impedance for driving the
following stage. :

In order to increase the input dynamic range, emitter followers Q) and
Q> can be removed from the input stage, and the maximum voltage drop
across Ry and R; can be limited to a few hundred millivolts. In this way, the
input common-mode level can vary between Vg and Vi + ViEE|, yielding
a wider input range. The input offset and noise will be less as well. Such a
circuit, however, exhibits larger analog input feedthrough and variable input
bias current.

Several variants of the comparator circuit shown in Figure 7.25 have been
proposed [19, 21, 22]. Particularly interesting is the “high-level clocking”
approach used to reduce the kickback noise [19, 21]. In this circuit, illustrated
in simplified form in Figure 7.26, rather than turning off the input differential
pair, the clock simply steers the current from cascode devices Qs-Qg to the
latch Q3-Q4. Thus, when CK is high, the circuit is in the tracking mode,
and when CK goes low, the circuit enters the latching mode. Note that even
though the input pair is never disabled, the latch is not disturbed by the analog
input after CK goes low because the current steered to the latch is relatively
independent of the analog input voltage. This is important if the clock is to
define a sampling instant in an ADC with no front-end SHA.

In this circuit, the input pair does not switch and the kickback noise
results only from the transients at nodes A and B due to the switching of
Qs-0s. Adding a resistor between A and B decreases the amplitude of these
transients and improves the recovery at these nodes. The resistor must be
roughly an order of magnitude greater than R, and Rj so, that it does not
reduce the gain significantly. Tia b ha Lo

NI
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Fig. 7.26 Comparator with high-level clocking,

7.2.2 CMOS Comparators

While the techniques described above substantially improve the per-
formance of bipolar comparators, they do not necessarily yield a high perfor-
mance if directly applied to the design of CMOS comparators. This is because
CMOS devices generally exhibit much smaller transconductance and larger
offset than bipolar transistors, thus demanding different design style and cir-
cuit topologies. h

In order to understand the issues related to CMOS comparator design,
let us examine a simple comparator circuit, such as that of Figure 7.27, and
compare its performance metrics with those of the bipolar comparators de-
scribed above. This circuit consists of a differential pair M;-M, and a latch
pair Ms-Ms, both sharing the cross-coupled load M3-M,. In the tracking
mode, CK is low, the input pair is enabled, and My is on, preventing M;
and M, from latch-up. At the same time, Mj is off, disabling M5 and M.
To perform sampling and latching, CK goes high, disabling the input pair,
turning off My, and enabling Ms and Me. Subsequently, M3-Mg amplify Vyy
to rail-to-rail levels.

Transistor My plays two important roles in the circuit. First, it controls
the gain in the tracking mode by providing a resistive path between nodes X
and Y. The reader can easily show that the gain of the circuit consisting of
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Mg
} * CK
= Mg
A, @
_ Fig.7.27 Simple CMOS comparator; -
M,-M, and My is equal to
o
! 9
Ay = =2 (7.48)

2~ gm3aRomo
.

where R,, g is the on-resistance of Moy. As a safe choice, 8m3sRong = 1,
ylelding Ay ~ gleRon.9-

The second role of My is to improve the recovery at nodes X and Y
when the circuit goes from latching to tracking mode. As My turns on, it
experiences a large Vgs because either X or Y is at the supply potential.
The resulting current pulls X and ¥ together and rapidly drives Vyy to near
Zero,

We now calculate the performance metrics of this comparator. The input
offset voltage arises from mismatches in nominally identical devices M,-M,,

M3-My, and Ms-Ms. For a simple MOS differential pair, the input offset
voltage is

1 AW AL
V —_— - — — i ——
os Z(VGS_. Vru)( W 7 )+ AV, (7.49)

where AW/W and AL/L represent the relative mismatch in the width and
length of the devices, respectively [3]. This should be compared with (7.41),
where the offset has a logarithmic dependence on dimension mismatch and
no counterpart for AVry. More importantly, in (7.42) the relative dimension
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mismatches are multiplied by V¢ (%26 mV at room temperature), whereas in
(7.49) they are multiplied by Vgs — Vi (typically greater than 0.5 V).

In the circuit of Figure 7.27, the offset resulting from the mismatch
between M3 and My is multiplied by gm34/8m12 When referred to the input.
Similarly, the offset of Ms and Mg is multiplied by gmse/gm12, Where gps6 is
the transconductance of Ms and Mg at the moment they turn on. Note that
when CK goes high and Mg turns on, Ms and Mg experience a Vgg — Vi of
several volts and hence, from (7.49), exhibit a large offset voltage. Since the
preamplifier gain is usually less than 5, the offset contribution of the latch is
quite significant.

To calculate the input-referred thermal noise in the tracking mode, note
that the noise contribution of M3 and M, at X and Y can be written as

2
Up34 4 &m34Ron9
e ELR Y o . 7.50
Af 38m34 2 — gm34Ron g (7.50)

This noise and that due to Ron,9 are divided by Aﬁ when referred to the input.
Thus, the total input thermal noise is PR

=
v; 42 — gu3aRons 4

L = 4kT (= + ). (7.51)
Af 3 g,%,nRonS gsllzRonﬂ 3gm12

The above observations reveal a number of trade-offs in the circuit of
Figure 7.27. To minimize the noise and offset contribution of M3-Mj, the
transconductance of M; and M, must increase—at the cost of higher input
capacitance or smaller common-mode range—or the transconductance of M. 3-
Mg must decrease, slowing down the regeneration at nodes X and Y.

The comparison rate of this circuit is determined by overdrive recovery
at X and Y and the regeneration speed of M3-Ms, both of which are typically
slower than those of bipolar comparators. The recovery time constant at nodes
X and Y is roughly equal to

Trec & 2Ron,9Ctuh (752)

where C,,, represents the total parasitic capacitance seen at each of the nodes
X and Y. To decrease 1., R, 9 must decrease, which in turn reduces Ay.
The regeneration time constant of the latch is

T 2 Ctot
eg < T,
8m34 + gms6

Note that if M3-Mg are made wider to increase 8m34 + gmse, then C,, also
increases. Thus, 7., can be considered relatively constant for a given tech-
nology.

(7.53)
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The input common-mode range of this circuit is givenby Vpp — Vgs 34+
Viun — Vas,12 — Viss, where Vg is the minimum voltage required across
Iss. Itis seen that M;-M, must be sized and biased such that their gate-source
voltage does not limit the input range excessively.

The input capacitance of this comparator varies as a function of the input

difference in a manner similar to that shown in Figure 7.24(b) for bipolar °

comparators. However, since a MOS differential pair typically requires more
than 1V of differential input to completely steer the tail current to one side,
the comparator input capacitance is relatively constant for most of the input
range. .

The kickback noise produced at the input of the comparator shown in
Figure 7.27 arises from two sources: (1) transients at X and Y when Vy and
Vy are regeneratively amplified to approach the rails, as well as when X and
Y are pulled together by My; (2) transients at P when this node goes from low
to high, and vice versa. The first type of transients couple to the gate of M,
and M, through Cgp,, and Cap,2, and the second through Cgs ; and Casz.

The large offsets of MOS devices generally limit the resolution of cir-
cuits such as that in Figure 7.27 to approximately 6 bits. As a result, CMOS
ADCs with resolutions of 8 bits and above usually employ offset cancellation
techniques to reduce the minimum resolvable input voltage. This is in con-
trast with bipolar comparators, which are used with no offset cancellation for
resolutions as high as 10 bits,

The design of offset-canceled comparators is described in Chapter 8.
7.2.3 BiCMOS Comparators

The availability of both bipolar and CMOS devices in BiCMOS tech-
nologies makes it possible to design comparators with more relaxed speed-
power or speed-resolution trade-offs than pure bipolar or CMOS comparators,
The speed-power trade-off can be improved through the use of bipolar tran-
sistors in the signal path by turning them on only when required, thus saving
power [23]. The speed-resolution trade-off can be eased by applying offset
cancellation to bipolar transistors and hence achieve smaller offsets than that
attained in either bipolar or CMOS comparators [25].

In order to reduce the power dissipation, the design of comparators can
be based on the concept of “charge steering.” Originally used in CMOS
memory sense amplifiers [24], this concept has evolved from current-steering
circuits by replacing resistors with capacitors and currents with charge. We
describe this evolution by first considering the bipolar comparator of Figure
7.21, repeated in Figure 7.28(a). In this circuit, the mode of operation is
controlled by steering the tail current J EE between the input pair Q- 0, and
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the latch Q3- Q4. The tail current is constant, thus giving a continuous power
dissipation of Iz £ V¢, and the voltage at output nodes X and Y is established
by the flow of Iz through R; or R,.

—e Vee

= Ry

Aq, 144,
(b)

Fig. 7.28 (a) Current-steering comparator; (b) charge-steering comparator,

Now consider the circuit shown in Figure 7.28(b), where C; and C;
function as load devices and the pairs Q;-Q, and Q3-Qy4 are activated by
charge packets Ag; and Ag,. This circuit has three modes of operation:
precharge, input sampling, and regeneration. A typical comparison proceeds
as follows. First, nodes X and Y are precharged to Voe. Next, a charge packet,
Aqy, is drawn from Q; and Q», biasing these transistors for a short period of
time and producing an amplified version of the input difference across C 1 a}nd
C>. Subsequently, a charge packet, Agj, is pulled from Q3 and Qa, activating
the latch momentarily and amplifying Vxy regeneratively.
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The charge-steering comparator can be viewed as a “discrete-time” ver-
sion of the current-steering configuration; i.e., it operates with short pulses of
current rather than a continuous bias. As a consequence, it can dissipate less
power even at high frequencies.

The dynamic power dissipation of the circuit is given by the value of
Agy and Ag; and the comparison rate. The minimum value of these charge
packets is determined by the required gain and output voltage swings, which
themselves depend on C; and C5. These capacitors must be large enough to
suppress the charge injection mismatch of §; and 5.

In order to better understand the behavior of this comparator, we perform
a simple calculation to estimate the small-signal gain of the input differential
pair. Consider the circuit shown in Figure 7.29(a), where M), M,, and Cp
constitute a “charge pump,” pulling charge from Q; and Q; when CK goes
low. Let us assume that the input common-mode level remains close to Vee
and the on-resistance of M;, Ron,1, is relatively constant. Using the equivalent
circuit shown in Figure 7.29(b), we can write

Vee — Vae —t

Ip(t) ~ X ,
Ron.l P Ron.l CP

(7.54)

where variations in Vig are neglected with respect to Vc¢. Since the bias cur-
rentof @ and Q varies during the amplification mode, the transconductance
of these devices must be expressed as a function of time:

_Ip(0)
gm(t) = _Z—V? (7.55)
Vee — W -
= ECT TBE T (7.56)

2Reni V7 RopiCp’

where Vi, | — Vi, is assumed to be small so that Ic| & I, at all time. The
final differential output voltage is therefore equal to

fad 13 Vin - Vin
VXY =/ gm( )( L .2) dt,
0 C
where C = C; = Cy. If Vin,1 = Vin,2 is constant, then it follows form (7.56)
and (7.57) that the small-signal gain is

(7.57)

Vveo _ Vec — Ve Cp
Vin.l - Vin.2 2VT C ’

(7.58)

where Vyyeo is the final value of Vxy. For example, if Voo — Vee & 4V,
Vr =26 mV, and Cp = 0.5 C, then the gain is roughly equal to 38,

)
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(b)
Fig.7.29 (a) Simplified charge-steering amplifier; (b) equivalent circuit
of (a).

While a power efficient configuration, the circuit of Figure 7.28(b) is
typically quite slower than that in Figure 7.28(a). Several reasons account
for this difference. First, the delays required between the clock edges that

turn off S; and §; and produce Ag; and Ag, impose an upper bound on the |

conversion rate. Second, C; and C, slow down the regeneration at nodes X
and Y. Third, the clocks controlling S;, $, and the charge packets typically
need rail-to-rail swings and hence suffer from longer transition times than
CK and CK in Figure 7.28(a), which usually require only a few hundred
millivolts of swing.

For the simple charge pump circuit shown in Figure 7.29, the amount of
charge drawn from the differential pair depends on the input common-mode
level, making the gain and output voltage swings have the same dependence.
If the variation in the common-mode level is comparable with Voo — Vg,
then the charge pump circuit must be modified so that it operates as a constant
current source during pumping. :

The precharge and sampling modes in a charge-steering comparator can
be converted to a single tracking mode if the input differential pair is replaced
with MOS switches, as depicted in Figure 7.30(a). Here, the input is sam-
pled on C; and C; and subsequently amplified by the latch. However, if
[Via,1 = Vin2| exceeds roughly 0.7 V, the base-collector junction of 9, or 0,
is forward-biased, drawing current from the inputs. To avoid this problem, the
base of each transistor can be capacitively coupled to the collector of the other,
as depicted in Figure 7.30(b) [23]. In this circuit, first the input difference is
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sampled on C; and C4, then the collectors of Q1 and Q; are released from
Vee, and finally the latch is activated by a charge packet drawn from Q; and
Q>. Note that the loop gain of the latch is attenuated by the voltage division
due to C, and the input capacitance of Q; (and C; and the input capacitance

of Q).

-L :L *Vee

Vin,2

: +—9 *Vee
SSL% G G, %—%34
3 ca ¢

—i-
—{—
Cy
Vin,1 6~o—o—4 a, Q, 00— Vin 2
$4 S,
Aq
(b)

Fig.7.30 Charge-steering comparator without precharge cycle. (b) Modified

version of (a) allowing large Vini = Vi
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Precision Techniques

As data conversion interfaces are designed for higher precisions, the nonide-
alities that accompany monolithic devices become more problematic. Effects
such as mismatch, nonlinearity, and finite intrinsic gain limit the “raw” res-
olution to approximately 6 bits in CMOS technology and 10 bits in bipolar
technology. For higher resolutions, it is often necessary to correct for these

effects by means of circuit or algorithmic technigues. Such techniques are
applied to individual building blocks to improve their precision, as well as to
the overall architecture to make its input/output characteristic approach the
ideal. In addition to the régular mode of operation, circuits employing some of
these techniques typically require a dedicated period to carry out cancellation
or calibration, thereby complicating the system’s timing scheme.

In this chapter, we describe a number of methods often used to enhance
the precision or relax the speed-precision trade-offs of data acquisition sys-
tems. These include comparator and op amp offset cancellation, DAC and
ADC calibration, and range overlap with digital correction.

8.1 COMPARATOR OFFSET CANCELLATION

The resolution limitations discussed in Chapter 7 for comparators mandate
offset cancellation in high-precision systems. This is particularly crucial in
pure CMOS circuits because of the large mismatches of MOS devices and is
also important in bipolar and BiCMOS circuits if resolutions above 10 bits
are required.

198
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Traditionally, laser wafer trimming and fuse techniques have been used
in bipolar circuits to cancel offsets [1]. However, these techniques suffer from
several drawbacks: substantial area and cost penalty, failure to maintain the
cancellation over temperature and time, and sensitivity to package stress. Fur-
thermore, these methods cannot be easily applied to CMOS circuits because
the large offsets of MOS transistors require a much wider correction range
than do their bipolar counterparts.

The need for reliable offset cancellation has led to autozeroing tech-
niques in CMOS and BiCMOS comparators, wherein the offset is periodically
sensed, stored, and added to the input in such a way as to cancel itself. Of
the variety of comparator offset cancellation techniques [2, 3, 4], we discuss
four here. The general architecture using any of these techniques is similar
to that of Figure 7.19, consisting of a preamplifier and a latch. Each circuit
has three modes of operation: offset cancellation, tracking, and latching. The
challenge is to minimize the input offset contributed by the preamp and the
latch without compromising other aspects of the performance,

8.1.1 Input Offset Storage

This technique (denoted by IOS) measures the input offset of the pream-
plifier by closing a unity-gain feedback loop around it and stores the resulting
offset on capacitors in series with the input. Figure 8.1 depicts a configura-
tion employing this technique. The circuit operates as follows. During offset
cancellation, S;-Sy are on, Ss and S¢ are off, nodes A and B are grounded,
a unity-gain feedback loop is established around Ay, and the input offset is
stored on C) and C;. During tracking, S-S, are off, Ss and Sg are on, the feed-
back loop is open, and the preamplifier senses the analog input and amplifies
the difference. In the latching mode, the latch is strobed 50 as to regeneratively
amplify the difference produced at the preamplifier output, hence providing
logic levels at V.

The residual offset (the offset after cancellation) of this topology can
be calculated as follows. For the feedback circuit in the offset cancellation
mode, we have

(Vpo — Vosa)(—Ao) = Vxy = Vpg, » 8.1

where Vogsa is the input offset of the preamplifier. Thus, , o (abwk
. 4, yeter 1P a(g )

Xy = 1+ 4o OSA- .

This voltage is stored on C; and C,. When the feedback loop opens, the
preamplifier output remains the same if S; and S, exhibit perfect matching.
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Fig. 8.1 Input offset storage.

Therefore, for a zero difference at the comparator input, the preamplifier
output is approximately equal to Vpsa. In contrast, if there were no offset
cancellation, the preamplifier output would be equal to AgVoss. Thus, I0S
reduces the effect of the preamplifier offset by approximately a factor of Ag.

In addition to Vpga, the latch offset, Vo , and charge injection mismatch
between S3 and 4, Ag, contribute to the comparator input offset. Of these
two, Vosu. is divided by Ag when referred to the input, whereas Ag appears

directly at the input, yielding a total offset of f ,&
Yo duank o
Voo = _Vosa + Ag | Vos 8.3)
OS(tot) = 1+ Ao ‘——C ——Ao , .

where C is the value of C; and C; (assumed equal here).

The IOS topology has two important features. First, it allows a rail-to-
rail common-mode leve] at the comparator input (when usin g complementary
MOS switches for S5 and Sg), thereby achieving a wide dynamic range. Sec-
ond, it performs the cancellation in a closed loop, thus driving the preamplifier
to its active region as well as augmenting its overdrive recovery.

Despite these features, 10S suffers from several drawbacks. The offset )
contributed by the preamplifier can be reduced only by employing a high gain ~--
degrading the power-speed trade-off. Furthermore, since the value of input
coupling capacitors is dictated by charge injection mismatch, kT/C noise,
and attenuation considerations, C; and C; (and hence their parasitics) are
usually quite large. Note that a large input capacitance not only slows down
the preceding circuit (e.g., the front-end sample-and-hold amplifier) but also
introduces a substantial amount of noise at the input when the circuit enters
the tracking mode and nodes A and B must charge to proper voltages. This

issue is particularly important if many comparators are connected to a resistor
ladder.
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8.1.2 Output Offset Storage

This technique (denoted by OOS) measures the output-referred offset of
the preamplifier by grounding its inputs and stores the result on capacitors in
series with the preamplifier output. Illustrated in Figure 8.2, 008 operates as
follows. During offset cancellation, nodes A, B, X, and Y are grounded and
the preamplifier offset is amplified and stored on C; and C,. In the tracking
mode, 5;-S4 turn off and Ss and Ss turn on. The circuit thus senses and
amplifies the input difference, generating a differential voltage at the input of
the latch. Next, in the latching mode, the latch is strobed to amplify its input
voltage and produce logic levels at V. '

Latch Vout

Fig. 8.2 Output offset storage.

To calculate the residual offset of O0S, first note that in the cancellation
mode, the latch input voltage is zero; i.e., a zero difference at the comparator
input gives a zero difference at the latch input. Consequently, the offset of the
preamplifier is completely canceled, a feature in contrast with IQS, Thus, the
total offset results from only the charge injection mismatch between S3 and
Sq¢fand the latch offset:

N TP Ag  Vos
L anf’{ LA Ve = — 4 —, 8.4
: Ty OS(tot) AOC AO ( )

t ftf"‘f’Note that the effect of charge injection mismatch is divided by Ag, another
*advantage of OOS over IOS. _

In addition to a potentially lower offset; OOS usually exhibits less input
capacitance than IOS and is therefore more suitable for parallel ADC archi-
tectures. However, it suffers from two drawbacks that do not exist in 10S.
Since the preamplifiers used in OOS are open loop, they cannot employ high
gain. This is because, in the cancellation mode, the preamplifier may satu-
rate if the product of its input offset and its gain exceeds the maximum voltage
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swing allowed at its output. As a consequence, 00S typically incorporates a
single-stage amplifier with a gain less than 20.

The other drawback of OOS stems from dc coupling at its input and
hence limited input common-mode range. This is in contrast with IOS, where
rail-to-rail inputs can be accommodated. ' -

8.1.3 Multistage Offset Storage

From the discussion in the previous section it follows that for high res-
olutions a single stage of OOS is inadequate, while a single stage of 10S
with high gain suffers from a long delay. These considerations have led to
the use of multistage cancellation techniques in high-resolution comparators
[2,4].

Figure 8.3 illustrates a typical multistage cancellation scheme. The
circuit comprises a cascade of capacitively coupled amplifiers followed by a
latch. In this example, all amplifiers use OOS, but IOS or a combination of
both are also possible. Since the equivalent gain of the overall amplifier is the
product of the gains of individual stages, a high gain with fast response can
be achieved. The circuit operates as follows. In the offset cancellation mode,
the inputs of A,,..., A, and the latch are grounded, and the offset of each
amplifier is stored on capacitors in series with its outputs. In the tracking
mode, the input difference is sensed and amplified by Aq, ..., Ay. In the
latching mode, the latch is strobed to produce logic levels at V.

Lol s
s N W H—1-

Fig. 8.3 Multistage offset cancellation,

In the circuit of Figure 8.3, the input offset resulting from the latch is
equal to
VosL
Vos = ————. 8.5
T A4 A, ®-3)
The number of stages used in this approach depends on the overall gain re-
quired to suppress Vo5 below a certain value. For a given gain, n can be
calculated so as to achieve the maximum bandwidth {4], but in practice it is
between 2 and 4.
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An important source of error was neglected in the above discussion:
channel charge injection mismatch of switches §;;-5,,. Depending on their
exact turn-off timing, these switches may contribute to the input offset in the
transition from cancellation to tracking. For example, if S11 and S5; turn
off slightly later than others, their channel charge mismatch introduces an
uncanceled offset at the input of A,. To minimize this type of error, the
comparator can utilize sequential clocking [2], wherein the gain stages leave
the offset cancellation mode sequentially, A first and A, last.

Figure 8.4 illustrates this timing arrangement. When CK; goes low,
A leaves the cancellation mode, whereas A3, ..., A, are still in that mode.
Consequently, the offset due to charge injection mismatch of S and Sy, is
amplified by A, and stored on the capacitors at its output. In other words,
during this interval A, acts as an OOS stage and hence reduces its residual
offset to zero. Next, CK, goes low while CKj,...,CK, are still high,
allowing the offset due to charge injection mismatch of S12 and S, to be
canceled by the following stage. This sequence continues until CK, goes
low. Thus, the error due to charge injection mismatch of all the switches
except Sy, and S, is canceled.

1

t

Fig. 8.4 Sequential clocking in multistage comparators.

In designing a multistage comparator, two issues should be considered.
First, the delay between the edgesof CKj, ..., CK, should be long enough to
allow complete offset storage on the following capacitors. Figure 8.5 depicts
typical resistive paths for the offset storage capacitors. With QOS, the total
resistance in series with Cy is Roj + Ron, j, Where R, is the open-loop output
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resistance of A; and R, ; is the on-resistance of switch S; j- With IOS, the
total resistance is R,j + Ry, j/A j+1 + Ro(j+1), where Ro(j41) is the closed-
loop output impedance of A;,; when configured as a unity-gain feedback
amplifier. The resulting time constant in each case imposes a lower bound on
the delay between CKj and CKjj41.

F s

Cy |8y CL -
(@) ' (b)

Fig.8.5 Resistive paths associated with offset storage capacitors in a multi-
stage comparator. (a) O0S; (b) IOS.

The second issue relates to the error voltage introduced by charge in-
jection and clock feedthrough when each stage leaves the offset cancellation
mode. If the product of this voltage and the gain of a stage is excessively large,
the amplifier in that stage is driven out of its active region, hence exhibiting a
much lower gain.

Multistage comparators have been implemented in several forms [2, 4,
5]. A simple approach is illustrated in Figure 8.6, where CMOS inverters
operate as amplifiers, with IOS applied to all the stages [5]. The simplicity of
this configuration has made it quite popular in the resolution range of 8 to 10
bits [6, 7]. An important feature of this topology is its scalability with lower
supply voltages, essentially the same as digital CMOS circuits. For example,
a 10-bit ADC [7] utilizes such stages extensively to allow operation from 2.5
V with a total power dissipation of 30 mW at 20 MHz.

s“ s1 52
o— o—
Vm’1 O——( C1 cz
b_o‘:}—{ — b—« » « —{ Latch |—o Vout
Vin,2
Si2

Fig. 8.6 Multistage offset cancellation using CMOS inverters.

This approach nonetheless suffers from several drawbacks. The single-
ended operation raises serious concerns regarding charge injection error and

oo e
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supply rejection ratio. In order to ensure that the inverters remain in their .
high-gain region after the feedback switches turn off, the coupling capaci-*

tors must be quite large. Furthermore, the output voltage of each inverter is
very sensitive to supply noise because the small-signal input/output gain of
inverters is on the same order as the gain from the supply line to their output.
In addition, the power dissipation of the circuit is strongly process- and
supply-dependent because it is given primarily by the bias current of inverters
when their feedback switches are on, i.e., the current drawn from the supply
by two diode-connected MOSFETs in series. Also, as mentioned for 108, the
large capacitance and switching noise seen at the input of this topology give
rise to long settling times and are particularly detrimental in flash architectures.
Multistage comparators can also be implemented in fully differential
form through the use of differential amplifiers. In contrast with the topology
of Figure 8.6, differential circuits are much less sensitive to common-mode
effects such as charge injection and supply variation.
Figure 8.7(a) shows a simple CMOS differential pair used in differential
comparators. For square-law devices, the gain of this circuit has a square root
dependence on device size and is usually limited to less than 10 for reasonable
device dimensions. Thus, it is well-suited to OOS. To achieve a higher gain,
the load circuit can be modified as shown in Figure 8.7(b), where current
sources /| and I, provide a major portion of the current drawn by M; and M,
[4]. Since the bias current of M3 and M, is less than that of M, and M, the
gain can be made higher than that in Figure 8.7(a). In practice, /; and /, track
Iss within a few percent. As a safe choice, It = I, = 0.75(0.5155), so that
M3 and M4 do not “starve” in the presence of tracking and mismatch errors.
Another approach to.increasing the gain is to incorporate positive feed-
back with controlled loop gain [8]. Illustrated in Figure 8.7(c), this technique
configures the load devices such that they boost the gain without entering

latch-up. The overall gain of this circuit is equal to

Emi2 1
A, = R
8m34 1 ~ gms6/8maa

(8.6)

where the second fraction represents the gain resulting from positive feedback.
Since gms6/gm34 is defined only by the ratio of PMOS device dimensions, it
can be controlled quite tightly. For example, with Wsg/ W34 = 3/4 and

Ls¢ = L3s, we have Ips¢/Ip3s = 3/4, and positive feedback boosts the gain

by a factor of 4.

While multistage comparator topologies achieve a small input offset,
they also pose several problems. First, they suffer from strong trade-off among
gain, bandwidth, and power dissipation, often trading the latter two for a
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Fig.8.7 (a) CMOS differential pair; (b) gain boosting using current sources;
(c) gain boosting using positive feedback.

high gain to ensure adequate resolution. This is especially acute if the latc.h
exhibits large offsets. Second, the complexity of these comparators and tt}eu
clocking sequence make them difficult to use in flash or two-step ADC.s. .Thllrd,
the sequential clocking required to suppress the effect of charge ‘injection
mismatch both imposes a lower bound on the clock period and faces timing
skew issues when clocks must be distributed on a large chip.

8.1.4 Comparators Using Offset-Canceled Latches

The problems described for multistage comparators can be substantially
alleviated if the offset of the latch is reduced in a reliable way. With a lower
latch offset, the preamplifier need not have a high gain and can thgrefore be
optimized for speed and power dissipation. In this section, we describe a com-
parator architecture that applies offset cancellation to both the preamplifier
and the latch.

/
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Figure 8.8 depicts a simplified block diagram of the comparator [3]. It
consists of transconductance amplifiers G,,; and G5, load resistors R;1and
R12, and capacitors C) and C; placedina positive feedback loop around Gma.
In the offset-cancellation mode, the inputs of G,,; and G2 are grounded and
their offsets are amplified and stored on C1 and C;. In the comparison mode,

the inputs are released from ground and the input voltage is sensed. This

voltage is amplified by G, to establish an imbalance at the output nodes and
hence at G, inputs, initiating a fast regeneration around Gma.

Cq
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Fig. 8.8 CMOS comparator with offset-canceled latch.

The calibration of this circuit can be viewed as 008 applied to both G,
and G, resulting in complete cancelation of their offsets. The important
difference is that this topology utilizes the offset-canceled amplifier G, for
regeneration, whereas OOS incorporates an explicit latch that can suffer from
a large input offset. Thus, neglecting second-order effects such as charge
injection mismatch of Ss and S, this confi guration accomplishes zero residual
offset while retaining all of the advantages of 0OS.

Due to several complications, the configuration of Figure 8.8 is not quite
practical if implemented as such. First, the feedback capacitors and their par-
asitics load the output nodes, reducing the speed. Second, because of the
finite on-resistance of Ss and Sg, the positive feedback loop around G5 is not
completely broken in the calibration mode, making the circuit prone to oscil-
lation. More importantly, when §s and Sg turn off to end the calibration, any
mismatch in their charge feedthrough can trigger a false regeneration around
Gma. Since the feedback is designed for a fast response, this regeneration
cannot be overridden by small voltages at the input, hence causing a large
input-referred offset. Figure 8.9 illustrates a modified block diagram of the
comparator that circumvents these problems. In this circuit, buffers By and
B, isolate nodes A and B from the feedback capacitors, while switches 571-S10
disable the feedback loop when required. Regeneration then begins only after
the input voltage has been sensed and amplified.

ot RS i, LB T e e e e L
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Fig. 8.9 Modified version of the circuit in Figure 8.8.

Since this configuration calibrates both the preamplifier and the latch,
its residual offset is primarily caused by charge feedthrough mismatch of
switches Ss-Sjo. The resulting errors are discussed in [3].

8.2 OP AMP OFFSET CANCELLATION

Pipelined A/D converters often require precision op amps to perform inter-
stage sampling, subtraction, and amplification [9]. The input-referred offset of
these op amps gives rise to differential nonlinearity and must remain well be-
low 1 LSB, usually mandating offset cancellation in high-resolution systems.

The major concern in cancelling the offset of an op amp, unlike that of
an open-loop circuit such as a comparator, is the phase margin degradation
caused by the cancellation circuit, in particular the offset storage capacitors.
While some of the offset cancellation techniques described for comparators in
previous sections may be applied to op amps [10], they substantially degrade
the closed-loop settling behavior by introducing capacitors in the signal path,
i.e., by adding more nondominant poles to the circuit. Since the minimum size
of these capacitors (and their parasitics) is dictated by charge injection mis-
match and kT /C noise, the magnitude of these poles may not be sufficiently
large, thus increasing the settling time markedly. '

A more efficient approach is to use an auxiliary amplifier that isolates
the signal path from offset storage capacitors while canceling the offset of the
main amplifier [11]. ,

A possible implementation of this concept is illustrated in Figure 8.10,
where a transconductance amplifier G,,; and a transresistance amplifier R
constitute the main amplifier and another transconductance amplifier G,,»
performs offset cancellation. The circuit operates as follows. During offset
cancellation, S-S54 are on while S5 and Sg are off, inputs of G, are grounded,

A
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and the _G,,,zR lopp is'closed. The op amp offset is thus stored on C; and
C>. During amplification, only Ss and Sg are on and G simply adds a dc
component at the output so as to cancel the op amp offset.

S;
V% +é- +\_ —0
b [Gm> 2> [ v
S, k/ " 1 —°
S, :-[
._;I. C1I S;

‘T
Fig. 8.10 Op amp offset cancellation using an auxiliary amplifier.

To calculate the residual offset of the circuit, we first consider a hypo-
thetical case where the inputs of both G,y and G,,, are grounded and the
Gm2 R loop is open. In that case, the input offsets of G,,; and G2, denoted
by Vos,1 and Vo 2, respectively, would be amplified by their respective gains
fmd appear at the output as G,,; RVgs, + Gm2RVos,2. Now, if the G,pa R loop
is closed, negative feedback reduces Vou by a factor of approximately G2 R:

GmiRVos,1 + Gmz2RVos 2
GiaR _ 8.7)

Vou =

This is the overall offset voltage of the circuit referred to the output (and is
stored on C_‘ and C;). To find the offset referred to the input of G, (8.7)
should be divided by the gain of the main amplifier G, R:

Vos, 1 Vos,2
Vos = —— 4 082
os Gm2R  GmR’ 8.8)

. At the end of offset cancellation, when 3 and S turn off, their charge
mj?ction mismatch results in a differential error voltage, AV, on C; and C,.
This error appears in series with the input of Gy, but it is not corrected
because the GaR feedback loop is now open. Thus, AV is multiplied by

s i A Sl e
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G2 R and divided by G.,; R when referred to the main input. The total input
offset voltage is then equal to

Vos.1 Vos2 | Gma
Voston = e 4 =2 AV.. 8.9
D= Gr2R " GmR | G

The three terms in (8.9) impose different constraints on the design of the
opamp. To suppress the first two terms, Gy, G2, and R must be maximized,
whereas to reduce the last term, G2/ G or AV must be minimized. In a
typical design, Gma/Gmi =~ 0.1 and AV is reduced using large offset storage
capacitors [12].

The topology of Figure 8.10 is easily realized in a folded cascade op
amp, with the G») and G, output current summation occurring at the foldiflg
point. Such an implementation is shown in Figure 8.11, where differ:;:ntlal
pairs My-M; and M3-M, comprise the G,,; and G, amplifiers, respectively,
and common-gate transistors Ms and Mg along with their loads form the R
amplifier. The ratio of G, and G is set by the sizing and biasing of M,-Mj,.
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Fig.8.11 Circuitimplementation of topology of Figure 8.10 (common-mode
feedback not shown).
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Equation (8.9) illustrates the direct dependence of the residual offset
upon the loop gains Gy R and G,;R, predicting design issues in scaled
technologies. For typical short-channel devices, loop gains are smaller, while
offsets tend to be larger. Thus, the residual offset of this topology increases
for small-geometry devices. Since the supply voltage of such circuits must
also scale with technology, the input dynamic range of the op amp is more
limited. '

8.3 CALIBRATION TECHNIQUES

Integral linearity of data converters usually depends on the matching and lin-
earity of integrated resistors, capacitors, or current sources, and it is typically
limited to approximately 10 bits with no calibration. For higher resolutions,
means must be sought that can reliably correct nonlinearity errors. This is
often accomplished by either improving the effective matching of individual
devices or correcting the overall transfer characteristics.

8.3.1 DAC Calibration Techniques

Capacitor DACs. Asmentionedin Chapter 3, capacitor DACs achieve
both a wide dynamic range and a relatively fast settling and are often utilized
in multistep A/D converters. These DACs have been especially popular in
successive approximation architectures, where they are normally configured
as binary-weighted arrays.

" We first describe a technique for measuring the mismatch between two
capacitors. Consider the circuit of Figure 8.12. First, 51, 5, and S are on,
and hence C) is charged to Vigr and C, is discharged to ground. Next, AV

52, and Ss turn off and S3 and S, turn on so that nodes X and Y experience
voltagg swings equal fo — Vige and +Vg W ge in the
voltage at fiode P, here called the “Tesidua voltage,” can be written as

Vrer Vrer
AV = - C)+ C 8.10
Ci+C ! Ci+C 2 ®.10)
C —Cy
= VRer, 8.11
i C, e (' )

where the charge injected by Ss is neglected. Thus, AV is a measure of the
mismatch between C; and C,.

A calibration technique described by Lee [13, 14] is based on measuring
and digitizing the residual voltages obtained for a binary capacitor array and
storing and combining the results digitally. Illustrated in Figure 8.13 in sim-
plified form, this approach employs a main DAC, a calibration DAC (CDACQ),
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Fig. 8.12 Measurement of mismatch between two capacitors.
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Fig. 8.13 Calibration of a binary-weighted capacitor array.

a precision cegparator, and digital logic required for storage and correction.
In the main DAC, C; = 2/-1C for j > 1, and capacitor Cy, equal to Cy, is
used only during calibration.

Before describing the algorithm utilized in this approach, we should
mention two points regarding the circuit of Figure 8.13. First, for perfectly
matched devices,

k-1
Ce=)C;, forl<ks<m, (8.12)
j=0

an important result used to measure capacitor mismatches. Second, it can be
easily proved that the accuracy of the following algorithm is not influenced
by C.a, input capacitance of the comparator, or top plate parasitics of the
array.

Calibration begins with C,, and proceeds as follows. Using (8.11)
and (8.12), the mismatch between C,, and Cp—y + - -+ + Co is represented
as a residual voltage (V. ) at node P. Subsequently, the comparator and
CDAC perform a successive approximation routine to digitize Vs, 1s. This pro-
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cedure is repeated for the mismatch between C; and Cj-1+:--+Coforj =
m-—1,...,1,thus producing the digital representation of Vi, m—1, ..., Vieg 1.

For a digital input D,, D,,,_, - - - Dy, it can be shown [14] that the output
error voltage in the presence of capacitor mismatch is

VREF & j—1 AC 7

Veror = 2—,,,;21 (—)iD; (8.13)
m

=Y v, (8.14)
Jj=1

where (AC/C); denotes the relative mismatch of C;and
VREF j—1 AC
Vej = —ém—Zf (?)j. (8.15)

Thus, to find V., for each input code, all V, ; must be calculated. It can also

be shown that ”

1
Vi = 5(Vewj— Y Ver). . (8.16)
2 k=j+1

Thus, after every V,;,; is digitized, a corresponding Ve; is calculated from

/(8.16) and stored in the data register. The precise error voltage at the output

for any digital input can then be determined using (8.14).

The primary feature of this algorithm is that it performs calibration using
only adders and simple logic gates, with no need for digital multipliers. In a
typical design, the digital circuitry amounts to approximately 400 gates and
120 bits of RAM [13]. The precision achievable through this technique has
made possible resolutions as high as 18 bits [15].

Another approach to calibrating capacitor DACs measures the mismatch
between each unit capacitor and a “reference” capacitor and corrects the mis-
match by adding small, trimmable capacitors to each unit [17]. This approach
is better described in the context of ADC calibration and is treated in Sec-
tion §.4.

The above calibration techniques fail to fully correct one type of error:
capacitor nonlinearity. For example, the mismatch measurement illustrated
in Figure 8.12 corrects capacitor nonlinearity only for a capacitor voltage of
Vrer because the residual voltage also includes the mismatch between the
value of C; with a voltage of Vigr and the value of C, with a voltagé of
zero. However, the nonlinearity corresponding to other voltages across the
capacitors remains.

If the capacitor nonlinearity is reproducible and well-characterized, it is
possible to employ nonlinear function generators that introduce an opposite
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nonlinearity in the input/output characteristic, hence canceling the effect of
the capacitor voltage coefficient [8]. However, it is desirable to avoid the
complexity associated with this technique through the use of fully differential
architectures and highly linear capacitors.

Current-Steering DACs.  In order to achieve integral linearities above
10 bits, it is often necessary to calibrate the current sources of a DAC. Factory
calibration techniques such as laser wafer trimming and fusing are exten-
sively used in industry, but they increase the cost and their precision degrades
with package stress and temperature variation. In contrast, self-calibration
techniques are free from these errors but result in more circuit complexity.

The equivalent matching of current sources can be substantially im-
proved using the concept of “dynamic element matching” [16]. Depicted in
Figure 8.14, this method performs time averaging on nominally equal current
sources Ig; and Ir; so as to produce precisely matched currents I, ; and
Iow,2. We note that if CK has a duty cycle of exactly 50%, then L1 = Iy
and Ioy,2 = Iy for half of the time and Lo, = Iz and I, = Ig for the
other half. Thus, both Loy, and I, 3 have an average value of (Ig; + Iz;)/2
and are therefore exactly equal. In reality, the clock duty cycle may deviate
from 50% by some amount, 5c, thereby yielding a total output mismatch of

Al Sex Iri = Ip>
7~ Lou Ip '

where I is the mean value of 75 and I r2[16]. Since 8¢k can be less than 1%,
this approach improves the matching by more than two orders of magnitude.

As dynamic element matching is based on time averaging, it requires
low-pass filtering of the output currents, e.g., by means of capacitors con-
nected from nodes X and Y in Figure 8.14 to ground. However, unless clock
frequencies of several hundred megahertz are used, these capacitors tend to be
excessively large for on-chip fabrication, an issue that becomes more severe
as the number of averaged outputs increases,

A self-calibration technique for segmented current-steering arrays has
been introduced by Groenveld et al. [18]. Illustrated in Figure 8.15, this
technique makes each unit current source equal to a reference current source,
thus canceling errors due to mismatches. Each unit in the array consists
of a fixed current source, M 1. an adjustable current source, M, and a hold
capacitor, Cy. During calibration, S; and $2 are on and the gate-source
voltage of M is adjusted so that / 1 + I = Izgr. When §) and S; turn off,
this voltage is stored on Cy, retaining the same /.

The key point in this circuit is that typical device matching allows M to
provide approximately 99% of the total current, thereby relaxing the precision

(8.17)
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Fig. 8.14 Dynamic element matching.
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Fig. 8.15 Calibration of a current source.

required of I, by two orders of magnitude. For example, in a 16-bit system,
calibration must trim I, to only 10 or 11 bits of precision, making the circuit
quite tolerant of errors due to charge injection and feedthrough. Furthermore,
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-since I is quite small, M, can be a long device to attain better matching and
lower sensitivity to charge injection at its gate.

In order to make the calibration transparent to the user, a proxy current
cell can be added to the DAC array such that it replaces the cell undergoing
calibration [18].

The circuit of Figure 8.15 nonetheless has two drawbacks. First, since
the adjustable current source has single-ended control (i.e., the gate of M), it
requires a large value for Cy to suppress the effect of feedthrough dueto S;. If
this effect were identical for all the cells in the array, then it would simply yield
a constant offset in each source and deviate the full-scale current from its ideal
value, an error that could be corrected by adjusting Izgr. However, if random
mismatches and gradients across the chip are significant, feedthrough effects
are not identical, thereby causing nonlinearity. To mitigate this problem, the
adjustable current source can incorporate differential control.

The second drawback is that if I} > Igge, calibration fails, implying
that Jpgr must be skewed to guarantee I; < Iggr. However, since I; and Igp
are generated using nonidentical devices (e.g., NMOS and PMOS devices,
respectively), it is difficult to ensure that 7 is less than Irer by only 1%, A
more practical approach is to employ a bidirectional current source for L so
that it can contribute either negative or positive components to I + /.

Figure 8.16 shows a calibration circuit that satisfies both of the above
requirements. Here, the transconductance amplifier comprising M,-Ms and
Iss operates as a bidirectional current source to generate I5. In the calibration
mode, S;-S3 are on and Ip; + Ip3 — Ips = Ixge. When S, and 3 turn off,
only their charge injection mismatch introduces a small error.

Groenveld describes another implementation of the calibration circuit
[18].

Another approach described by Miller et al. [19] stores the errors digi-
tally to achieve stable operation over time and temperature without the need for
frequent calibration. Depicted in Figure 8.17, this technique employs a main
DAC (MDAC), a calibration DAC (CDAC), and a sampling DAC (SDAC)
along with control logic and a small memory. In the calibration mode, the
output corresponding to each code is examined and the error is detected and
stored. This operation occurs in two steps. In the first step, an input code D is
applied to the MDAC and the corresponding current cells are switched to node
X. In the ideal case, the output corresponding to the next code D + 1 would
result simply from drawing an additional LSB current from node X. Thus, an
extrapolated value for D + 1 is established at the output by switching an extra
LSB current source, I gg, to X, Subsequently, the SDAC and the comparator
operate as a successive approximation ADC and reduce the voltage at node
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Fig. 8.17 Calibration of a current-steering DAC using extrapolation.

Y to zero. In other words, the SDAC samples the (extrapolated) output of the
main DAC,

In the second step, I sp turns off, and the digital input of the MDAC is
incremented by 1 LSB to generate the actual output corresponding to D + 1.
Next, the CDAC and the comparator successively reduce the voltage of node
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Y to zero, making V,,, equal to the value stored in SDAC. As a result, the
difference between the actual output and the extrapolated output is detected
by CDAC and stored digitally. This difference is then used to correct the
output during actual digital-to-analog conversion.

Since the calibration and sampling DACs only measure or correct errors,
their resolution and dynamic range can be quite low. For example, in a 16-bit
system, these DACs require a resolution of approximately 6 bits [19].

8.3.2 ADC Calibration Techniques

Since high-resolution A/D converters typically employ multistep archi-
tectures, they often impose two stringent requirements: small INL in their
interstage DACs and precise gain (usually a power of 2) in their interstage
subtractors/amplifiers. These constraints in turn demand correction for device
mismatches if resolutions above 10 bits are required,

In this section, we describe three calibration techniques suited to mul-
tistage ADC architectures. For simplicity, we consider single-ended imple-
mentations, but the actual circuits are fully differential.

Capacitor Error Averaging. Inthe 1 -bit-per-stage architecture of Sec-
tion 6.6, rather than subdividing the reference, each stage amplifies the residue
by a precise factor of 2. The accuracy of this gain depends on capacitor match-
ing (and op amp gain). In order to suppress the effect of capacitor mismatch,
capacitor error averaging can be used [9, 20].

Figure 8.18 depicts amultiply-by-2 circuitin two modes. In the sampling
mode C) and C, are charged to V,,. In the amplification mode, C) is placed
around the amplifier while node X is grounded. For an ideal op amp,

C
Vou,t = Via(l + =2). (8.18)
G
IfCi=CandCy; = C+ AC, then
AC
Vou(,l = Vm(2+ '—C'.—), (8.19)

thus exhibiting a gain error of AC/C, typically on the order of 0.1%.
Now suppose the multiply-by-2 function is repeated but with C; and C;
interchanged. This case is illustrated in Figure 8.19. Then, the output is

C
Vou(.Z = Vm(l + —l)~ (8.20)
G
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p—>O Vout

Fig. 8.18 A multiply-by-2 stage in (a) the sampling mode and (b) the am-
plification mode.

c
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[
Vi *‘E:L -A1

PO Vout

Fig. 8.19 Multiply-by-2 stage of Figure 8.18 with C, and C; interchanged,
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In the capacitor error-averaging technique, the outputs represented by
(8.18) and (8.20) are sampled and averaged to generate

1 C, G
==V B 8.21
Voutav 2Vm(2 + A + Cl) (8.21)
~ lv. (2+.Clz_+.c_§) (8.22)
2" C\C, 7 '

We can show that this approach reduces the gain error to a term proportional
to the square of the relative capacitor mismatch. Substituting C) = C and
Cy; = C + AC in (8.22), we have

1 2C? +2C AC + AC?

= -V 8.23
Vout,av 2Vm[2+ CC+40) ] (8.23)
AC?
~ V(2 + 2—C2—), (8.24)
Thus, the gain error can be expressed as
AC?
AA, & 3T (8.25)

which is typically only a few parts per million.

Figure 8.20 illustrates the amplifier along with an averaging circuit con-
sisting of A, C3, and Cy. Capacitor C; is nominally half of C, so as to provide
an overall gain of 0.5 for the averaging circuit [9]. During the first amplifica-
tion mode [Figure 8.20(a)), the output of A, is equalto Vi,(1+C1/C;) and is
stored on C3 and Cq. In the second amplification mode [Figure 8.20(b)], C4 is
placed in a negative feedback loop around Aj, and C 1 and C; are interchanged
so that the output of A, is equal to Vi,(1 + C» /C1). Thus, Vo, is equal to
the initial voltage across C plus half of the change in the output of A;:

' C. 1. C ¢
= —V. —_—)— Vi, (== — =2 8.26
Vousay V(1 + Cz) 2Vm(c1 Cz) (8.26)
1.6 G
= Vi — = (== + =)V, 8.27)
n 2(c, + Cz) (

The negative sign in the output can be taken into account by the following
stage.

Capacitor Trimming.  Figure 8.21(a) shows a 2-bit stage of a pipelin_ed
ADC [17] comprising nominally equal capacitors C;-C4 and Cr, and op amp
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Fig. 8.20 Capacitor error-averaging circuit.

A;. During sampling, §)-S; are switched to Via and Sr is on, providing a
virtual ground at the inverting input of Ay. Subsequently, D/A conversion,
subtraction, and amplification take place when S turns off and S;-S; switch
to either Vggr or ground according to the thermometer code generated by the
previous stage. The output voltage V,, is then equal to 4 times the difference
between V;, and the output of the previous stage.

Inthe circuit of Figure 8.21(a), mismatch among C)-Cyresults in integral
nonlinearity, while mismatch between each of C1-C4 and Cr causes gain
error. In order to reduce these errors, each of C1-C4 can be compared with
Cr and trimmed so that the effective matching is improved. Illustrated in
Figure 8.21(b), the calibration scheme utilizes the (offset-canceled) op amp
Ay as a precision comparator and proceeds as follows. First, the mismatch
between C; (j = 1,...,4) and Cr is represented as a voltage at node X in
the same fashion as illustrated in Figure 8.12. Next, the comparator detects
the polarity of this voltage and adjusts the value of C ' in the proper direction.
This sequence is repeated until the difference between Cj and Cr is reduced
to very small values.

In practice, it is difficult to implement small, trimmable capacitors be-
cause, on the one hand, they must be approximately 500 to 1000 times less
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Fig.821 (a) A multibitstageina pipelined ADC; (b) calibration of the stage
using trimmable capacitors.

than C; and, on the other hand, they must offer sufficient trimming range. For
example, for C; = 1 pF, a mismatch of 0.1%, and an overall resolution of 12
bits, the trimmable capacitors will be on the order of a few femtofarads and,
more importantly, they must be adjustable in steps of a few tenths of a femto-
farad. In current technology, such small capacitors are difficult to fabricate
and typically exhibit fringe parasitics that introduce significant errors in their
values.

This problem can be overcome through the use of structures consisting
of larger capacitors that have a small equivalent capacitance. For example,
Lin et al. [17] use capacitor ladders for this purpose.

Digital Calibration. The ADC calibration techniques described above
are based on analog processing and correction of nonidealities. Alternatively,
calibration can be performed in the digital domain to simplify the measurement
and storage of errors.

A digital calibration technique has been proposed for two-step ADCs
that employ switched-capacitor interstage D/A conversion and subtraction
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[21). This method computes the additional charge that must be pumped onto
the DAC output to correct the reconstructed analog signal and digitally stores
the voltage corresponding to that charge.

We consider the 3-bit topology shown in Figure 8.22 to illustrate this
approach. This configuration comprises the interstage DAC and subtrac-
tor/amplifier of a two-step ADC along with a calibration DAC (CDAC) and-
a calibration capacitor (C,,). In this circuit, C3 = 2C, = 4C, = 4Cr.
During sampling, Sr is on, establishing a virtual ground at X, and S1-84 are
switched to Vj,. During D/A conversion/subtraction, Sr is off, C is placed
in a negative feedback loop around Ay, and S;-S; switch to either Virer or
ground according to the binary output. of the first flash stage. As aresult, if
all the devices are ideal, the amplifier output is

DyC D, C
vm=(1+wmn—[’3q‘+ 22 Oy, 828)
F F

where D = D3 D, D, is the binary output of the pre\}ious stage. [Note that
the analog equivalent of D is given by (22D + 2! D, + 20D,) Vi /23).

Cal.
DAC
Ceal S¢
¢ o—
. X -~
A v,
L c L ¢ L Cr by P—o Vout

3 fcz
Sy S2] S3] S, *
1 o{is Ioo—h- T,HI' T o

Vrer

Fig. 822 ADC calibration by pumping charge onto interstage DAC output
node.

For perfectly matched capacitors, (8.28) reduces to 23(V,, — 2-3D Vier),
indicating an output equal to 23 times the residue. The technique to be de-
scribed corrects the coefficient of Vrer in (8.28) such that it approaches the
ideal value of 273(22D3 + 2! D, +2°D;) and hence improves the linearity of
interstage D/A conversion. For simplicity, we assume the open-loop gain of
A1 is sufficiently high.

The calibration is performed for each digital input code and proceeds as
follows. First, Sr is on, Cr is charged to Vigg, and C3-C) are discharged to
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ground (D3 D, Dy = 000). Next, Cr is placed around Aj so as to generate an
output of Vgyr, and the digital input is incremented to D3 D, D; = 001, i.e., 53
switches from ground to Vrgr. If C; and Cr match perfectly, then the output
goes from Vger to 0. In reality, the mismatch between these capacitors results
in a small voltage at the output. To null this voltage, a comparator repeatedly
senses the output and drives the CDAC in proper direction so that the charge
pumped by C.y onto X balances the extra charge due to mismatch between
Cr and Cj, thus reducing V,,; to zero. The code thus produced by the CDAC
is stored in a RAM and applied to CDAC and C., whenever the digital input
from the previous stage switches Sz to Vigr.

In summary, this technique is based on the fact that if the digital input of
the DAC increments by 1, the amplifier output should change by exactly Vigr
and any deviations from this value can be nulled using a calibration DAC and
a capacitor.

The calibration technique depicted in Figure 8.22 suffers from accumu-
lation of errors during calibration. This problem can be alleviated using other
circuit techniques [21]. :

In addition to the ADC calibration techniques described in this section,
the capacitor DAC calibration of Section 8.3.1 can be employed in succes-
sive approximation converters to achieve high linearity [15]. Other digital
calibration techniques have been proposed by Karanicolas [22] and Lee [23].

8.4 RANGE OVERLAP AND DIGITAL CORRECTION

A powerful technique to relax the speed-resolution trade-off of multistep A/D
converters is to provide overlap between the quantization range of successive
stages and digitally correct the binary data produced by each stage. We use a
two-step half-flash architecture to illustrate this approach.

Consider the simple two-step 10-bit ADC depicted in Figure 8.23, where
each stage resolves 5 bits. Let us first assume an ideal system where compara-
tor offsets are zero, the reference voltages generated by the first-stage ladder
are precisely 32 LSB apart, and the quantization range of the second stage is
32 LSB wide. If the input voltage lies between, for example, V; and Vitt,
then the DAC generates a voltage equal to V; and the subtractor produces a
residue of Vi, — V;. Since this residue is always less than 32 LSB, it never
exceeds the input range of the second stage and hence no gross errors resuit.
This is shown graphically in Figure 8.24(a).

Now consider a nonideal system where, for example, the first-stage
comparators exhibit finite offset. In particular, suppose that in Figure 8.23
comparators Aj and Aj4 have offsets AV; < 0and AVj,; > 0, respectively.
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Fig. 8.23 Residue generation in a 10-bit two-step A/D converter. It /’ ke,

Consequently, for V; + AV; < Viu < Vi + AVj41, Aj generates a ONE
output and A;,; a ZERO output; hence the DAC output remains equal to V;.
Thus, as shown in Figure 8.24(b), for Vi + AV; < Vi, < V; the difference
between Vi, and Vpuc is negative, and for Vier < Vip < Vig + AVjqy,
this difference exceeds the input range of the second stage. In the first case,
the second stage interprets the residue as zero, and in the second as 32 LSB,
regardless of its actual value. The resulting input/output characteristic of the
overall ADC is shown in Figure 8.24(c), where the dead bands Vi+AV; <
Vin < Viand Vg < Vip < Vi + AV give rise to maximum differential
nonlinearities of AV; and AV;44, respectively.

In addition to offset of the first-stage comparators, several other non-
idealities can lead to the overrange problem described above. The reader can
prove that the following are among them: nonuniformity in the references
generated by the first-stage ladder (if the DAC does not use the same lad-
der); DAC and subtractor gain error; and long hold-mode settling time of the
front-end SHA. This list indicates that, for the ADC of Figure 8.23 to attain
10-bit resolution, the first-stage ladder and comparators, the interstage DAC
and subtractor, and the second stage must all achieve a precision of at least 10
bits. Furthermore, the first stage may be strobed only after the SHA output
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Fig. 8.24 Residue plot for ADC of Figure 8.23. (a) Ideal system; (b) fi-
nite offsets in comparators A; and Aj,; (¢) ADC input/output
characteristic in the presence of offsets. )

has settled to 10-bit accuracy. In summary, almost all parts of the system
require high precision. ‘

The above constraints all originate from the fact that the second-stage
in Figure 8.23 digitizes residues only between 0 and 32 LSB. Now, as an
example, suppose that the second stage accommodates inputs from —16 LSB
to +48 LSB, i.e., it employs 64 comparators with references ranging from —16
LSB to +48 LSB. Then, these constraints are significantly relaxed because
the total error can be as large as 16 LSB without introducing overrange, and
only the second-stage comparators require 10-bit resolution. This addition of
redundancy to the second stage is called “overlap,” and since the second stage
has one additional bit of resolution, we say the overlap is 1 bit.

For the ADC of Figure 8.23, the overlap between the two stages can be
implemented in one of two forms: (1) if reference voltages from —16 LSB
to +48 LSB are available, the second-stage comparators can simply compare
the residue with these references. This is particularly easy in fully differential
architectures because a reference of +16 LSB can be interpreted as —16 LSB
by exchanging its two terminals; (2) the DAC output can be shifted down by
16 LSB so that the residue is always positive (for errors less than 16 LSB).
These cases are depicted in Figure 8.25.
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To gain more insight, we discuss an example using the technique shown
in Figure 8.25(b). For simplicity, we assume a resistor-ladder DAC, but the
technique can be applied to other DAC configurations as well [24]. Figure
8.26 shows a 10-bit ADC using a resistor-ladder DAC. Note that the parallel
resistors at the two ends of the DAC ladder shift its tap voltages by 16 LSB,
thereby generating the midpoints of the voltage segments produced by the
first-stage ladder. If comparators A j and Aj; interpret V;, to lie between V;
and Vj4), then three possibilities exist: V, is slightly less than V;, but A j has
a negative offset; V;, is indeed between Vi and Vjy; or V, is slightly greater
than Vj,., but A;, has a positive offset. We explain how corrections are
made in the first and third cases.

If the input is interpreted to be between Vj and Vj 1, the AND gate N;
generates an output of ONE, turning on S and providing a DAC output equal
to V; — 16 LSB. Thus, so long as various errors in the first stage, the DAC,
and the subtractor add up to less than 16 LSB, the residue remains positive,
and hence no overrange occurs.
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Fig. 8.26 10-bit ADC using a resistor-ladder DAC.

In order for the third case explained above not to introduce overrange
errors, the second stage is designed for 6-bit resolution; i.e., it quantizes
residues ranging from 1 LSB to 64 LSB. As a consequence, for the typical
situation depicted in Figure 8.26, the second stage digitizes the difference
between V,, and V; — (16 LSB) and has no overrange errors if Vi, < Vig1+16
LSB.

In order to produce the final binary output, the data generated by th’e
two stages must be digitally corrected. If the digital output of the first stage is
represented by a binary number X| = Djg... Dg, thenits value nomal:@ to
the LSB of the 10-bit system is X1 = D192’ + D928 4 - - + Dg2°. Similarly,
the digital output of the second stage, X, = Ds ... Dy, can be expressed as
X3 = Ds2° + D42* + - .- + Dy2°. Because the DAC output is shifted down
by 16 LSB, the final output is

Y = (D102° + Dg2% + ... + Dg2%) — 2
+(D52° + D42* + .- + Dg2%).

This equation indicates that the digital correction procedure consists of three
steps: (1) shift Dy ... Dg to the left by 5 bits, (2) subtract the binary number

(8.29)

Chap. 8 References 229

10000 from the result of step1,and (3)add Ds .. . Dy to the difference obtained
in step 2.

We should mention two important points. First, the overlap and digital
correction techniques described above cannot correct for subtractor gain error.

Second, the total amount of overlap between consecutive stages can be more

or less than 1 bit, depending on the overall anticipated error.

Inthe ADC of Figure 8.26, the overlap is implemented by expanding the
quantization range of the second stage, resulting in a 5-bit first stage and a 6-bit
second stage. Alternatively, the first stage can be designed to have a higher
resolution, allowing fewer comparators in the second stage. For example,
the ADC can resolve 6 bits in the first stage and 5 bits in the second. The
exact allocation of resolution to the stages depends on various issues pertinent
to each particular design. For example, in CMOS technology, comparators
typically suffer from severe trade-offs among their speed, resolution, power
dissipation, and input capacitance. Thus, it is desirable to use fewer high-
resolution comparators in the second stage and hence more low-resolution
comparators in the first stage. This also relaxes the gain accuracy required of
the subtractor. On the other hand, as the resolution of the first stage and hence
that of the interstage DAC increases, the DAC may exhibit a longer settling

time.
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Testing and Characterization

The large number of parameters required to fully specify the performance of
data conversion interfaces and the presence of both analog and digital signals
in these circuits make testing and characterization a lengthy, elaborate task.
Furthermore, as these circuits are designed to provide higher levels of per-
formance, their speed and resolution exceed those of typical characterization
equipment, often demanding custom-designed measurement systems. N

In this chapter, we describe a number of techniques for characterizing
data acquisition systems, with emphasis on issues related to high-speed test-
ing. To measure the analog output of sampling circuits and D/A converters,
we introduce limiting amplifiers, digitizers, and sinusoidal testing. For A/D
converters, we describe downsampling, code density tests, fast Fourier trans-
form tests, and sine fitting. In practice, a combination of these techniques
must be used to obtain an accurate and complete set of parameters.

9.1 GENERAL CONSIDERATIONS

The three classes of data acquisition circuits, namely, sampling circuits, A/D
converters, and D/A converters, generally require a test setup as shown in
Figure 9.1, where one or both of the input and output signals are analog
depending on the type of circuit.

In this setup, while the clock usually runs at its maximum rate, the
input frequency and amplitude can determine two types of testing: static and
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Fig.9.1 General test setup for data acquisition circuits.

dynamic. Instatic testing, the input varies slowly and static parameters such as
nonlinearity, offset, and gain error are measured. In dynamic testing, the input
varies substantially from one clock cycle to the next to reveal the response of
the circuit to rapidly changing signals, and dynamic parameters such as signal-
to-noise ratio and harmonic distortion are measured. The ultimate dynamic
test takes place if the input has a full-scale swing and a bandwidth equal to half
the clock rate. These issues are discussed further in the following sections.

While in practice the input can assume any waveform, characterization
of the circuit under test must be performed with precise, well-defined inputs
that provide useful information for a wide variety of applications. In addition,
the input waveform must be easy to generate and also yield outputs that are
easy to measure, .

For static testing, the input waveform in Figure 9.1 can be simply a ramp
that varies from zero to full scale with high linearity [Figure 9.2(a)], ideally
producing exactly the same waveform at the output. For dynamic testing, on
the other hand, a realistic high-speed analog ramp appears as shown in Figure
9.2(b), where the waveform suffers from rounding and finite falltime due to
the limited bandwidth of the system as well as ringing due to various sources
of resonance in the setup. Since in all three classes of data acquisition circuits
the input and/or the output will be an analog ramp, it becomes increasingly
difficult to isolate and quantify the nonidealities of the circuit and those of the
test setup simply by examining the distorted ramp output,

Sinusoidal waveforms are more suitable for dynamic testing. These
functions have several properties that make them attractive for reliable, accu-
rate testing. First, they have a precise mathematical definition in both time
and frequency domains and approach their ideal form by proper filtering (for
analog) or increasing the word length (for digital). Second, their nonideali-
ties, i.e., distortion and noise, can be easily measured by means of spectral
analysis. Third, they provide a single frequency component that can be varied
to reach half of the clock rate, thereby giving accurate information about the
circuit’s frequency response. Fourth, in linear systems, the output response
to a complex input waveform can be expressed as the sum of responses to the
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Fig. 9.2 (a) Ideal and (b) actual ramp :Véaveforms.

sinuoidal components comprising that input. Consequently, as we will see
throughout this chapter, sinusoidal testing is widely used for all data acquisi-
tion interfaces.

9.2 SAMPLING CIRCUITS

The principal difficulty in characterizing sample-and-hold amplifiers arises
from the fact that both the input and the output are analog signals that must
be measured with sufficient precision. We describe measurement techniques
for a number of SHA parameters.

In order to measure the worst-case acquisition and hold-mode settling
times (t.q, ts, respectively), the analog input can be switched from zero to
full-scale voltage in consecutive clock cycles such that the circuit experiences
the largest possible transients. Figure 9.3 illustrates the waveforms in such a
measurement. The analog input is a fast-settling rectangular wave that has a
frequency half that of the clock. Att = ¢, the circuit enters the acquisition
mode and the output begins to swing from zero to full-scale. The circuit enters
the hold mode at ¢ = #;, and the analog input goes from full-scale to zero
before 13. Atz = 13, the circuit begins to acquire the next sample.

In practice, several issues exist in this measurement. First, any ringing
on the analog input may appear at the output, thus increasing the measured
acquisition time. For this reason, the analog input must be examined and timed
carefully to ensure that it settles before the circuit enters the acquisition mode.
Second, delays associated with clock and output signal paths in a typical test
setup can introduce errors in f,,q and #, because these two parameters are
measured with respect to the clock edge. Thus, the delays must be accurately
measured and taken into account. »

The third and perhaps the most important problem in the measurement
technique of Figure 9.3 relates to the wide dynamic range and fast recovery

Sec.9.2  Sampling Circuits 235
CK
Vin @—D——g-/‘ OT—D—Q Vout
I
Vin
CK

Vout

ths
e

t ty t3 t

Fig.9.3 Waveforms for testing sampling circuits.

required of the instrument that senses and displays the SHA output. For
example, in a typical oscilloscope the input vertical amplifier has a dynamic
range hardly exceeding 10 bits; e.g., it is overdriven heavily if the sensitivity
is set to 1 mV per division (to display settling behavior) while the overall
swing is greater than 1 V. When the input amplifier is overdriven, it may take
a long time to recover, thus corrupting the acquisition time measurement.
Furthermore, since vertical amplifiers are typically designed for accuracies of
nomore than 10 bits, little attention is paid to their settling to higher precisions,
precluding conclusive measurements for resolutions above 10 bits,

In order to alleviate the overdrive problem, a limiting amplifier can be
interposed between the SHA and the oscilloscope such that it masks most of
the SHA output swing and amplifies only the settling portion of the waveform.
Shown in Figure 9.4(a), this approach in effect “magnifies” the settling behav-
ior after the SHA output passes a certain level, Vrer. The limiting amplifier
must of course exhibit sufficiently fast overdrive recovery, but it need not have
a wide dynamic range, large output swings, or high linearity. Thus, it can be
designed as an open-loop circuit with a low gain and a small output swing so
as to provide fast output recovery. A simple example is depicted in Figure
9.4(b), where the differential pair provides the limiting for large differences
at its input and emitter degeneration is used to attain sufficient linearity. In
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Fig. 9.4 (a) Use of limiting amplifier at the output of a SHA; (b) simple
limiting amplifier.

practice, the gain and offset of the limiting amplifier must be calibrated or
precisely measured and taken into account.

The concept of the limiting amplifier can be extended to a digitizing
technique whereby a comparator is used to sample points on the waveform [1].
If the delay between the SHA clock and the comparator clock is incremented
in small steps and the reference input of the comparator is adjusted properly,
the sampling instant “walks” along the waveform, showing the exact time at
which the signal passes a certain level.

IMustrated in Figure 9.5, the digitizing technique employs a comparator
and an integrator in a feedback loop and a programmable delay generator
that strobes the comparator with a certain delay after the SHA clock. The
comparator output is integrated and fed back to its other input. We explain
the circuit’s operation with the aid of the waveforms shown in Figure 9.6. If
at the time of the comparator strobe (when C K goes high), Vsy is at V;, then
Veom temains high so long as Vi,, < Vy. As Vo is integrated, Vi, approaches
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V1. After Vi, crosses Vi, the loop enters a pseudostable condition where
Veom toggles between low and high and V,, oscillates around V;. When this
condition occurs, the average integrator output is equal to V), i.e., the value
of Vsy at the comparator strobe instant, This average can be measured using
a high-precision voltmeter with little concern for speed. Subsequently, the
delay between C K and C K is incremented so that the comparator samples
another point from Vg and the above procedure is repeated. If the delay
of CKj is incremented in sufficiently small steps and the above sequence
is repeated for each step, the SHA output waveform can be reconstructed

accurately,
Vsu
SHA [>emd [ gobin
‘ -1 cK,
CK; o— »| Prog. Delay

. Fig. 9.5 Digitizing technique to measure settling time of SHA output.
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Fig. 9.6 Waveforms used in the setup of Figure 9.5.

Since comparators typically achieve high speeds, they can provide a
means for fast sampling in the above approach. Nevertheless, care must be
taken so that the comparator kickback noise does not disturb the SHA output
at the sampling instant. Also, the comparator offset, which appears in the
output as well, must be nulled or precisely measured.

In addition to eliminating the need for wide dynamic range instrumenta-
tion, the digitizing technique of Figure 9.5 can also serve as an on-chip tester

TEa S B
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for circuits that need not drive low-impedance loads. For example, the front-
end SHA of an A/D converter is quite difficult to test at full speed individually
unless it is (unnecessarily) designed to drive 50-2 loads. On the other hand,
if some of the components of the digitizer such as the comparator and the
integrator are built along with the ADC, they can accurately monitor the SHA
output with negligible loading.

Another important aspect of SHAs is their linearity and hence output
harmonic distortion. The output waveform of a typical sampling circuit con-
sists of “acquisition edges” followed by relatively flat held levels and exhibits
two types of nonlinearity. The first type arises from nonlinear phenomena
at the beginning of the acquisition mode: for example, the sampling switch
on-resistance may vary substantially, thereby introducing an input-dependent
delay, or the edges may be slew rate-limited. The acquisition edges there-
fore give rise to significant nonlinearity in the output waveform. The second
type of nonlinearity appears in the settled levels in the acquisition and hold
modes and, as discussed in'Chapter 2, originates from circuit nonlinearities,
input-dependent charge injection, etc.

The distinction between these two types of nonlinearity is necessary
because, depending on the application, one or both may be important. If a
SHA is used at the front end of an ADC, then its output is sensed only during
the hold mode and hence the nonlinearity due to acquisition edges can be
neglected. On the other hand, if a SHA is employed as a deglitcher at the
output of a DAC, then its entire output waveform is sensed by the following
circuit (usually a low-pass filter) and hence both types of nonlinearity become
critical. In the first case, only the settled levels in the hold mode should be
utilized to calculate the nonlinearity and harmonic distortion [2], whereas in
the second case the entire waveform must be considered.

As explained in Section 9.1, the linearity of 2 SHA can be measured by
applying a ramp at the input, but the accuracy of the ramp degrades substan-
tially at high frequencies. As a consequence, sinusoidal inputs are instead
used and the output is examined for harmonic distortion content. This can
be done by either examining the output on a spectrum analyzer or resampling
and digitizing the output using an A/D converter and performing a discrete
spectral analysis.

While acquisition time is often quoted as a measure of the speed of SHAS,
some sampling circuits do not provide an observable acquisition behavior at
their output. For example, in the switched-capacitor circuit of Figure 3.11,
the output voltage is fixed at zero during sampling, thus precluding direct
measurement of the acquisition time. In such circuits, the speed-precision
trade-off can be characterized only by applying sine waves at the input and

Sec.9.3 A/D Converters 239

measuring the output signal-to-(noise + distortion) as a function of the sam-
pling rate and the analog input frequency.

9.3 D/A CONVERTERS

The measurement of static parameters of DACs, such as DNL, INL, gain error;
and offset, is relatively straightforward and can be easily automated. On the
other hand, characterizing the dynamic behavior of DACs entails a number of
issues.

As explained in Chapter 4, to obtain the worst-case settling time of a
DAC, the digital input must toggle between zero and full-scale in consecutive
cycles so that the analog output experiences the largest change in the shortest
time (Figure 4.4). This indicates that measurement of DAC settling times is
similar to that of SHA acquisition times; they both require instrumentation
having a wide dynamic range. Thus, the digitizing technique described in
the previous section can be utilized for DACs to eliminate the need for such
instruments.

In another dynamic test, the input is produced by a digital sine wave
generator and the analog output is examined for noise and harmonic distortion
by means of a spectrum analyzer. Revealing the combined effects of DNL,
INL, settling time, and glitch impulse (albeit for only a sinusoidal input), this
measurement provides a relatively complete view of the DAC’s performance
as the input frequency varies.

Digital sine waves can be generated by either programmable pattern
generators or integrated circuits specifically designed for “direct digital syn-
thesis"” [3].

9.4 A/D CONVERTERS

As with other data acquisition circuits, A/D converters have a large number of -
parameters that need to be measured. The digital output can be examined as
a continuous-time, continuous-amplitude signal if converted to analog form
or simply as a digital signal if analyzed using discrete signal techniques.

9.4.1 Static Testing

An automated test often used to determine the static parameters of ADCs
is the servo-loop technique, illustrated in Figure 9.7 [1]. The test incorporates
a digital comparator, an integrator, and the ADC in a negative feedback loop
s0 as to determine the analog signal level required at the ADC input for every
digital code transition. '




240 Testing and Characterization ~ Chap. 9

¢
—i
b Digitat | > | Pou
in Comparator | f‘ ADC
I

Fig. 9.7 Servo loop used for static characterization of ADCs.

A typical test proceeds as follows. A digital code is applied to one input
of the comparator, which causes C| to charge (by means of I;) or discharge (by
means of I;) according to the polarity of the difference between D;, and D,,,.
The ADC digitizes the resulting integrator output, producing a D, closer to
D;,. The loop settles when Dy, = D,,. The integrator output vol_tage then
represents the analog level at the ADC input that generates D,,,. This voltage
can be measured using a high-precision voltmeter. -

If Dy, covers the range 0 to 2™ — 1, where m is the ADC’s resolution,
an input/output characteristic such as that of Figure 9.8 can be constructed.
From this characteristic, various static errors such as offset, DNL, INL, and
gain error are computed.

-------------------------
.....................
.............

P

Vin

Fig.9.8 Input/output characteristic produced by a servo-loop measurement.

An important feature of this technique is that it does not require precision
ramp generators. For example, the devices comprising the integrator may
have substantial nonlinearity without any adverse effect on the measurement
accuracy. This is because the digital comparator introduces a vix"tually infinite
gain in the feedback loop, suppressing the integrator nonlinearity.
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9.4.2 Dynamic Testing

An important issue in both characterizing and using ADCs is their
response to high-frequency analog inputs, especially when their amplitude
reaches full-scale. For example, an 8-bit, 100-MHz ADC may exhibit 8-bit
resolution when digitizing analog inputs of a few megaherz at a conversion
rate of 100 MHz. However, the performance of the same converter may de-
grade drastically as the analog input frequency approaches 50 MHz and the
amplitude reaches full-scale.

As explained in Section 9.1, while static ADC tests can utilize ramp
waveforms to determine the input/output characteristic, dynamic tests are
often performed using sinusoidal inputs.

Direct ADC-DAC Test. A simple, efficient test procedure using sinu-
soidal inputs is depicted in Figure 9.9. Here, the ADC under test is followed
by a DAC that has sufficiently higher linearity and lower noise than the ADC
itself (typically by 2 bits). The DAC output is examined on a spectrum ana-
lyzer. If the noise and distortion contributed by the DAC are negligible, the
SNR and SNDR measured by the spectrum analyzer correspond to those of the
ADC. Since it requires no digital processing of the data, this method allows
a quick and easy dynamic testing and provides real-time feedback regarding
the circuit’s behavior as test conditions are varied.

t
Y| 206 [ o4 | Specrum
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CKe
Fig.9.9 Characterization of an ADC using a high-precision DAC.

An important consideration in using sinusoidal inputs is their frequency
relation with the clock, i.e., the ratio of the sine wave period and the clock
period. If the ratio of the two periods, T;,/ Tck, is a rational number, m/n,
where m and » are integers with no common divisor, then nT;, (= mTcg) is
an integer multiple of the period of both waveforms, i.e., the analog and clock
inputs “beat” every nT;, seconds. If, as depicted in Figure 9.10, nT, is small,
then only a few points on the sine wave are sampled and some input levels
of the ADC remain unexamined. Thus, in order for every code transition to
be tested, nT;, must be sufficiently large. In practice, this is accomplished
by choosing the sine wave frequency as an integer “submultiple” of the clock
frequency plus a small offset (eg. fin = 05fck + A f). Note that the
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relationship n7i, = mTcg is guaranteed only if the input sine wave and the
clock are locked to the same time base. If, on the other hand, these waveforms
are provided by independent generators, their frequencies tend to drift with
time, making m/n time-dependent.

Tn_3
Texk 2

TCK 4 W,

Fig.9.10 Sinusoidal and clock waveforms with high beat frequency.

If the clock frequencies of the ADC and the DAC in Figure 9.9 are equal,
the DAC must achieve a dynamic performance better than that of the ADC so
as not to influence the accuracy of measurements. Thus, for testing a state-of-
the-art ADC, a high-performance DAC is required. However, the sampling
frequencies of the ADC and the DAC need not be equal; if the DAC samples
the ADC output only once every M clock cycles, then all the input levels
of the ADC are still tested but over a longer period of time. This concept,
illustrated in Figure 9.11 and called downsampling, greatly eases the settling
speed required of the DAC, thus allowing a high precision in that circuit [4].
In practice, the ADC clock is divided by a factor of M and applied to the
DAC.

IVV\’ Vino—=| ADC > DAC |- Vout f\/\/\/
A _—T
CKe- ™

Fig.9.11 Downsampling.

Beat Frequency and Envelope Tests.  Another test that can be per-
formed using the setup of Figure 9.9 is the beat frequency test wherein the
input sine frequency is equal to the sampling frequency fs plus a small in-
crement Af [Figure 9.12(a)] [5]. The sampling instants then “walk” along
the sine wave at a rate equal to Af and hence can be reconstructed by a
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slow, high-precision D/A converter. The reconstructed sine wave provides
a quick, qualitative demonstration of the ADC’s dynamic performance. If
missing codes and sparkles are present, they manifest themselves as shown in
Figure 9.12(b).

fs+ Af |

Y

(®

Fig.9.12 (a) Waveforms used in beat frequency test; (b) effect of missing
codes and sparkles in the beat output.

In a beat frequency test, it is desirable to set the offset frequency Af
such that successive samples differ by no more than 1 LSB. For a full-scale
sinusoidal input, V;, = Asinwt (1 LSB = 2A4/2™, where m is the ADC’s
resolution), the offset frequency is equal to w/2™~! [6]. ‘

The above beat frequency test yields somewhat unrealistic results be-
cause it tests ADCs with equal input and sampling frequencies, a condition
seldom found in practice. A variant of this test, called the “envelope test” [5],
uses an input sine wave with a frequency equal to half the sampling rate plus a
small increment Af, thus emulating Nyquist-rate operation (Figure 9.13). If
every other sample is considered, then an envelope having a frequency equal
to Af results. Since in this test successive samples differ by as much as the
ADC full-scale range, the true dynamic performance of the circuit is revealed.
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Fig. 9.13 Waveforms used in envelope test.

While the above tests demonstrate some aspects of the performance
of ADCs, thorough dynamic characterization often requires that the digital
output be collected by means of a memory or a computer and processed

mathematically, thus avoiding the need for precision DACs. We describe
three tests based on this approach.

Code Density Test. A common characterization is the histogram or
code density test [5, 7], wherein a large number of output samples are collected
and their frequency of occurrence is plotted as a histogram versus possible
output codes. Such histograms are commonly constructed with “bins,” each
representing an output code and hence all the inpuz values that produce that
code. During the test, every time V, is between transition points V; and
Vj+1, the bin height of the output corresponding to V;4 is incremented by
1. For example, if an ideal, full-scale ramp is applied to an ideal ADC, the
histogram consists of equal-sized bins for all output codes [Figure 9.14(a)]
because the input distribution is uniform and the ADC exhibits equal proba-
bility of generating any of the codes. On the other hand, if the ADC is not
ideal, the bins may not have equal height because some codes occur more of-
ten than others [Figure 9.14(b)]. To illustrate this point further, let us consider
the ideal and nonideal characteristics in Figures 9.15(a) and (b), respectively,
where each input/output plot is accompanied by its histogram (rotated by
90°). A comparison of these two cases shows that the output code corre-
sponding to V;; occurs more frequently than that corresponding to V; when
a finite differential nonlinearity exists. This gives the important conclusion
that the difference between the height of adjacent bins is proportional to the
DNL.

In dynamic testing, the code density test employs sinusoidal inputs, and
the histogram assumes a different form. If the clock and sine frequencies
are chosen such that the sampling instants occur with equal probability on
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Fig. 9.14 Output data histogram for an ideal ramp applied to (a) an ideal
ADC and (b) a nonideal ADC.

the time axis, then, in Vi, = Asinwt = g(¢), t can be viewed as a random
variable with a uniform distribution between 0 and T'; i.e.,

ﬁ(t):% 0<t<T 9.1)

= (0 otherwise

where f;(¢) is the probability density function of ¢. Since V."‘ is a function of
the random variable ¢, its PDF can be found using the identity

Frn(Via) = g~ (V)| fr(Vin), 9.2)

A

which yields )

a(Via) = — e,
fv o

Figure 9.16 plots this distribution. Intuitively, we can say that the points
near zero crossings of the sine wave occur less frequently than those near

9.3)
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Fig.9.15 Input/output characteristic and histogram of (a) an ideal ADC and
(b) an ADC with DNL.

the peaks because the signal varies much more rapidly at zero crossings and
hence is less likely to be sampled at those points. '

The histogram test easily reveals differential nonlinearity, offset, and
gain error of ADCs. DNL appears as deviation of bin heights from their ideal
value, offset as a horizontal shift, and gain error as horizontal compression
or expansion of the plot. Note that accurate measurement of gain error is
possible only if the input signal amplitude is precisely known and does not
exceed the ADC input range. Figure 9.17(a) illustrates the effect of offset and
differential nonlinearity, exhibiting a missing code when DNL < —1 LSB.

In order to obtain quantitative information, the code density plot can be
normalized with respect to its ideal form given by (9.3). Depicted in Figure
9.17(b) is an example of the resulting plot.
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Fig. 9.16 Histogram plot for an ADC with sinusoidal input.
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Fig.9.17 (a) Output histogram of an ADC having large errors; (b) DNL ;;lot
calculated from the histogram.
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In principle, integral nonlinearity can also be derived from the nor-
malized code density plot. For this purpose, we prove that INL can be
obtained from the cumulative sum (“integral”) of DNL. Defining DNL; =
Vi+1 — Vi — (1 LSB), where Vit1 and V;, are consecutive transition points,
We can express any transition point V; as:

J

Vi = Z(Vk+l - Vi) 9.4)
k=0
J
= (jLSB) + )" DNL,, 9.5)
k=0

where Vo = 0. Assuming zero gain error and offset for simplicity, we note
that the ideal level corresponding to Vj is equal to j LSB, and the INL profile
is given by the difference between the actual and ideal characteristics:

j
INL; = ) DNL,. 9.6)
k=0

In practice, other errors tend to accumulate during histogram data col-
lection, thereby corrupting the INL calculation described above, These errors
result from drift of supply voltage, drift of the input sinusoid amplitude and
offset, and drift of the reference voltage and the gain and offset of the ADC
itself [7]. The impact of these drifts can be substantial if the data is collected
over a long period of time, for example, if the data buffer used at the output is
not sufficiently deep and must transmit the data to a computer via a slow link.
Consequently, for linearities above 10 bits, code density results may not yield
an accurate INL. In that case, the principal effect of INL, namely, harmonic
distortion, is measured using other techniques with greater accuracy.

A drawback of the code density technique is that random noise in the
ADC under test tends to equalize the bin size of adjacent codes, possibly
concealing large DNL errors [8). This is particularly important in the case
of missing codes because random noise simply increases the height of their
corresponding bins.

Since in the code density test with sinusoidal inputs most samples occur
near the two ends of the histogram, a large number of data points must be
collected to reveal the behavior in the high slew rate portion of the waveform,
Thus, it is important to know the minimum number of samples required for ac-
curate representation of an ADC’s characteristics. This number is determined
by statistical significance and “level of confidence,” explained in [5, 7].

While histogram testing provides information on each code transition,
other methods can give a global assessment of ADCs, primarily in terms of
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noise and harmonic distortion. Of these, the fast Fourier transform (FFT) and
sine fitting techniques are described here.

FFT Test. The FFT test converts the ADC output from time domain
to frequency domain, in a sense similar to the ADC-DAC spectrum analyzer

method of Figure 9.9. Thus, it offers quantitative information on the out-’

put noise and harmenic distortion. Since the output of ADCs is discrete in
time, discrete Fourier transform (DFT ) is required to produce the frequency
spectrum. For a discrete-time signal sampled every Tck seconds, x(nTcg),
n=0,...,N =1, the DFT is defined as
N-1 :
X(m) =} x(nTex)e2mm/N, .7
n=0
Since the total number of arithmetic operations in (9.7) is proportional to N2,
more efficient algorithms (fast Fourier transforms) have been devised to make
this number proportional to N log, N. Such algorithms typically require that
N be a power of 2.

The discrete nature and finite length of the data and the transform give
rise to several issues [5]. First, because the frequency resolution of FFT
is inversely proportional to N, a large number of samples must be taken if
a narrow band of the spectrum is to be examined closely. Second, since the
DFT assumes the datarecord is periodic, the first and last samples must exhibit
no discontinuity; i.e., the record length must be an integral number of input
cycles. This can be accomplished by locking the input and clock signals to the
same time base such that, as explained before, the relationship nT;, = mTeg
is guaranteed.

If the input and clock frequencies are independent, then any discontinu-
ity at two ends of the data record leads to “leakage” in the frequency domain.
This phenomenon occurs because, as depicted in Figure 9.18, the time do-
main input is multiplied by a unity-amplitude rectangle function, causing
their spectra to be convolved in the frequency domain. Since the spectrum
of a rectangle function (the sinc function) has finite “side lobes,” parts of the
higher-frequency bands leak into the base band, thus corrupting the FFT char-
acterization. This effect can be suppressed by replacing the rectangle function
with other “windowing” functions that have smaller side lobes. Several win-
dowing functions along with their trade-offs are described by Harris [9] and
Nuttall [10].

In an FFT test near the Nyquist rate, the harmonic components are aliased
back into the range below the input frequency. Thus, it is important to select
the input and sampling frequencies so that the aliased components do not
coincide with the fundamental.
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Fig. 9.18 Effect of discontinuities at the ends of data record.

Despite these difficulties, the FFT test is extensively used to characterize
ADCs because its errors can be reliably controlled and reduced. Furthermore,

it requires many fewer points than the histogram test and is therefore more
efficient.

Sine Fitting Test.  The sine fitting test is another approach to calcu-
lating the overall signal-to-noise ratio and signal-to-(noise + distortion) ratio
of ADCs. In this test, the output samples corresponding to a sinusoidal input
are collected and a curve fitting program is used to determine a sine wave that
fits the data with minimum rms error (Figure 9.19). This error is minimized
by adjusting the fit parameters, frequency, phase, amplitude, and offset [5].
The difference between the collected data and the fitted sine thus provides
quantitative information on the noise and harmonic distortion contents.

(®)

Fig.9.19 (a) Fitting a sine to output samples of an ADC; (b) the fitting ervor
plot.

The sine fitting test can be utilized to study the effect of white noise,
jitter, and harmonics on the output SNDR. Since contribution of white noise
does not depend on frequency or input amplitude, the rms error term becomes
almost constant when white noise is dominant. The effect of jitter can be
observed by varying the input slew rate, i.e., input amplitude or frequency,
and examining the rms error at zero crossings of the sine wave. As for har-
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monics, the difference between the actual waveform and the fitted sine wave
can be considered an error term that includes all the higher harmonic compo-
nents. Thus, if sine waves with higher harmonic frequencies are fitted to this
difference, harmonic distortion can be estimated [5]. '

The curve fitting program usually requires an initial guess for the fit
parameters and may also have convergence difficulties if the data quality is
very poor [5] or the number of points insufficient.
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effect of nonidealities, 121-24
two-step recycling architecture, 124
two-step subranging architecture,
125-26
Analog-to-digital interface, 4
Aperture jitter, 12
effect of, on signal-to-noise ratio, 27
Aperture window, 9

Beat frequency test, 24243
Binary-to-thermometer code conversion,
76-77
Bipolar comparators, 181-88
Bipolar differential pair
linearized, 155-60
nonlinearity in, 154--55

Calibration techniques, 211, 218-24
in analog-to-digital converters, 218-24
in digital-to-analog converters, 211-14
Capacitor digital-to-analog converter
architectures
calibration of, 211-14
switching functions in, 74-76
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Capacitor error averaging, 218-20
Capacitor mismatch, 64-66
Capacitor nonlinearity, 66-69
Capacitor trimming, 220-22
Capacitor voltage dependence, 66-68
Cascode op amps, 167-71
Charge-coupled devices, 2
Charge division, 63~70
Charge injection, 14-15, 21-22
mismatch, 200-201, 203, 209
Charge redistribution architecture, 14547
Charge steering, 191-92.
Clamp diodes, 21-22
Clock feedthrough, 15
Clock jitter and dispersion, 112-14
Closed-loop sample-and-hold architecture,
31-33,42-43
CMOS comparators, 188-91
Code density test, 244-49
Common-mode feedback, 172-77
Comparator offset cancellation, 198-208
comparators using offset-canceled
latches, 206-8
input offset storage, 199-200
multistage offset storage, 202-6
output offset storage, 201-2
Comparators, 177-81
BiCMOS comparators, 191-95
bipolar comparators, 181-88
CMOS comparators, 188-91
Current division, 55-63
Current-mode sample-and-hold
architecture, 42-43
Current replication, 56
Current sources, finite output impedance
of, 62-63
Current-steering architectures, 84
R-2R-network based architectures,
84-90
segmented architectures, 90-94
Current-steering cells, 72-74
Current-steering digital-to-analog
converters
calibration of, 214-18
switching functions in, 72-74

Data conversion and processing, 1-5

Data conversion systers, 153
amplifiers in, 153-77
comparators in, 177-95
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Differential nonlinearity, 48, 100
in interpolative converters, 128
Differential pair :
bipolar, 154-58
MOS, 159-60
Differential sampling circuit, 25-26
Digital calibration, 222-24
Digital-to-analog conversion, 45
performance metrics, 47-49
reference multiplication and division,
49-50
charge division, 63-70
current division, 55-63
voltage division, 50-55
switching and logical functions in,
70-77
Digital-to-analog converter(s), 239
calibration techniques, 211-18
Digital-to-analog converter architectures,
79
current-steering architectures, 84
R-2R-network based architectures,
84-90
segmented architectures, 90-94
resistor-ladder architectures, 79
intermeshed ladder architectures,
82-83
ladder architecture with switched
subdivider, 79-82
Digital-to-analog interface, 45
Diode switches, 19-25, 30
MOS switches, comparison with, 23-24
Downsampling, 242
Droop rate, 12
Dummy switch, 25
Dynamic element matching, 214
Dynamic range, 11-12, 101
Dynamic testing, 231-33, 241-51

Effective number of bits, 101
Envelope test, 24243

Fast Fourier transform test, 249-50
Finite output impedance of current sources,
62-63
Flash architectures, 101-3
clock jitter and dispersion, 112-14
gray encoding, 11416
kickback noise, 107
metastability, 110-12
nonlinear input capacitance, 106-7
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Flash architectures, (Continued)
reference ladder DC and AC bowing,
103-6
slew-dependent sampling point, 112
sparkles in thermometer code, 108-10
Folding architectures, 132-36
Folding with interpolation, 136-39
Frequency-dependent nonlinearity error, 16

Gain, 100
boosting techniques, 171-72
error, 12, 49
Glitch impulse area, 49
Glitch impulse in current-steering DAC,
89-90
Gray encoding, 114-16

High-level clocking, 188
Hold-mode feedthrough, 12, 16
Hold settling time, 11

Ideal sampling, 7-8
Input-dependent sampling instant, 16
Input offset storage, 199-200
Input offset voltage
in bipolar comparators, 181-82
in CMOS comparators, 189-90
Integral nonlinearity, 49, 100
Interleaved architectures, 147-49
Intermeshed ladder architectures, 82-83
Interpolation, 127-32
folding with, 136-39
Interpolative and folding architectures,
126-27
folding architectures, 132-36
folding with interpolation, 136-39
interpolation, 127-32

Kickback noise, 107, 184-85, 191

Ladder architecture with switched
subdivider, 79-82

Laser-trimming, 94

Latency, 49

Least significant bit, 48

Limiting amplifier, 235-36

Linearized bipolar differential pair, 155-60
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Load resistor nonlinearity, 63
Local feedback, unity-gain buffer with,
161-64

Metastability, 110-12, 178-80 -
in two-step analog-to-digital converters,
120

Mismatch
in bipolar comparators, 182
in capacitors, 64—66
in CMOS comparators, 189
in current sources, 58-62
in diode bridge, 23
in resistor ladders, 51-54
Missing code, 123
MOS switches, 14-19
comparison with diode switches, 23-24
improvements in, 24-27
Multiplexed-input architectures, 35~39
Multistage offset storage, 202-6

Nonlinearity
in bipolar differential pair, 154~55
in folding amplifiers, 135-36
Nonlinear input capacitance, 106~7
Nonlinearity, in bipolar differential pair,
154-55
Nonlinearity error, 12

Offset, 49, 100

Offset-canceled latches, comparators using,
206-8

1-of-n code, 47, 109

Op amp offset cancellation, 208-11

Open-loop amplifiers, 153-60

Open-loop sample-and-hold architecture,
29-31

with Miller capacitance, 33-34
Operational amplifiers, 16471
Output offset storage, 201-2

Pedestal cancellation, 31~32

Pedestal error voltage, 12

Performance metrics, 11-12, 47-49,
99-101

Pipelined architectures, 14043

Polarity sampling, 101

Polysilicon resistors, 63
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Precision techniques, 198
calibration techniques, 211-14
comparator offset cancellation, 198~208
op amp offset cancellation, 208~11
range overlap and digital correction,
224-29
Probability density function, 53

Quantization, 98
error, 98

Range overlap and digital correction,
224-29
Recycling analog-to-digital converter
architecture, 124
Recycling sample-and-hold architecture,
3940
Reference ladder DC and AC bowing,
103-6
Reference multiplication and division,
49-50
charge division, 63-70
current division, 55-63
voltage division, 50-55
Residue plot, 122
Resistor ladder, 5055
Resistor-ladder digital-to-analog converter
architectures, 79
intermeshed ladder architectures, 8283
ladder architecture with switched
subdivider, 79-82
switching functions in, 70-72
Resistor nonlinearity, 63
R-2R-network based architectures, 84-90

Sample-and-hold amplifiers, 10
Sample-and-hold architectures, 29
closed-loop architecture, 42-43
conventional closed-loop architecture,
31-33
conventional open-loop architecture,
29-31
current-mode architecture, 42-43
multiplexed-input architectures, 35-39
open-loop architecture with Miller
capacitance, 33-34
recycling architecture, 3940
switched-capacitor architecture, 4042
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Sampling circuits, 7, 234-39
general considerations, 7-11
performance metrics, 11-12
Sampling switches, 13
comparison of MOS and diode switches,
23-24
diode switches, 19-25
improvements in MOS switch, 24-27
MQOS switches, 14-19
Schottky diode bridge, 30
Segmented digital-to-analog converter
architectures, 90-94
Segmented arrays, 56-57
Self-calibration techniques, 94
Sequential clocking, 203
Settling time, 49
Signal-to-(noise + distortion) ratio, 12, 49,
100
Signal-to-noise ratio, 12, 100
effect of aperture jitter, 27
Sine fitting test, 250-51
Slew-dependent sampling point, 112
Sparkles in thermometer code, 108-10
Static testing, 232-33
of analog-to-digital converters, 23940
Subranging architecture, 125-26
Successive approximation architectures,
14347
Switched-capacitor sample-and-hold
architecture, 40-42
Switched subdivider, ladder architecture
with, 79-82
Switching functions
in capacitor digital-to-analog converter,
4-76

in current-steering digital-to-analog
converter, 72-74
in resistor-ladder digital-to-analog
converter, 70-72
Switch junction capacitance nonlinearity,
68-70

Testing and characterization, 232
analog-to-digital converters, 239-51
beat frequency and envelope tests,

242-44
digital-to-analog converters, 239
dynamic testing, 241-53
sampling circuits, 234-39
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Thermometer code, 47, 101
Thermometer-binary decoding, 111-12
Thevenin resistance, 54~55
Track-and-hold amplifiers, 10
Track-and-hold sampling, 7, 8, 9-10
Two-stage on amps, 166-67
Two-step architectures, 116-20
comparison with flash architecture, 119
effect of nonidealities, 121-24
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recycling, 124
subranging, 125-26

Unity-gain buffer, with local feedback,
161-64

Voltage division, 50-55

Zero-crossing points, 138
Zero-order-hold, 10







